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Abstract

Design Techniques of Frequency Synthesizers in Highly Scaled CMOS Technologies

Shih-an Yu

Highly scaled CMOS devices can only operate from lower voltages and their analog

transistor characteristics can be degraded compared to longer channel length devices. This

raises many design concerns particularly for conventional analog circuits. On the other

hand, CMOS technology scaling still results in significant speed and functional density

increases. This opens up many new opportunities for mitigating analog and mixed-mode

design challenges using appropriate circuit and design solutions.

Almost all electronic communication and computation devices rely on phase-locked-

loop (PLL) synthesizers to generate frequency references and clocks. Designing a PLL

is a true mixed-signal design challenge covering from high-speed analog and RF blocks

(VCO), to high-speed digital blocks (dividers), to low-speed, low-noise analog (charge

pump and loop filter) and low-speed digital (phase frequency detector) circuits. In this

thesis, we study design challenges and present corresponding solutions to realize PLLs in

highly scaled CMOS technologies. In particular we focus on scaling the supply voltage,

scaling down the area, operation over an ultra-wide frequency range, and achieving ultra-

low noise and jitter performance.



An ultra low voltage (ULV) 2.5-GHz PLL including a GFSK modulator and imple-

mented in a standard digital 90-nm CMOS technology is first introduced. The design

addresses robustness concerns and speed issues due to the aggressive supply voltage scal-

ing (down to 0.5V). Next, a 2.5-GHz ultra-compact analog PLL implemented in a 45-nm

CMOS technology is described to demonstrate that area scaling can indeed be achieved in

PLLs. The 0.042 square mm fully integrated PLL includes an on-chip LC-VCO and an

on-chip passive R-C loop filter. A rigorous methodology for area-scaling LC oscillators

by taking advantage of increased transistor speed is described as well as a novel stacked

capacitor-inductor device is introduced to further reduce area.

New emerging applications such as software-defined radios or highly integrated test

instrumentation require a frequency synthesizer with ultra wide frequency coverage and

ultra low phase noise. Two approaches are presented to achieve these challenging design

objectives by exploiting the capabilities of nanometer transistors. A wideband synthesizer

covering from 125 MHz to 32 GHz with a constant jitter performance across the entire

frequency range is described; the scaling and design methodologies to achieve constant

jitter performance across the ultra-wide frequency range are discussed. Finally, an ultra

low noise, two-step synthesizer is presented to show how ultra-low phase-noise fractional-

N frequency synthesis can be achieved by taking the full advantage of nano-scale CMOS

transistors.
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Chapter 1

Introduction

1.1 History and Trends of CMOS Technology Scaling

Low power consumption and high level integration have greatly expanded the applications

and market for Complementary MOS (CMOS) integrated circuits. In 1963, Frank Wanlass1

(May 17, 1933 to Sept. 9, 2010) invented CMOS logic by combining n-channel and p-

channel enhancement-mode transistors [2]. Logic circuits with such configuration could

draw close to zero standby power (six orders of magnitude lower compared to TTL). Later

in 1965, a team in RCA was dedicated to CMOS2 logic/memory designs in a computer for

U.S. Air Force. In 1968, the same company made the first commercial CMOS integrated

1Frank Wanlass won the Donald O. Pederson Solid-State Circuits Award in 1991 for the invention of
CMOS circuitry [1].

2The CMOS technology developed in RCA is under the trade name of COS/MOS, which stands for
COmplementary Symmetry Metal-Oxide Semiconductor

1



2

Figure 1.1: The patent drawing of U.S. Patent 3356858 by Frank Wanlass at Fairchild R/D
Laboratory.

circuits [3]3, which were slow but dissipated much less power compared to the widely used

TTL family at that time.

CMOS digital ICs began to be used in watches or some systems, where the battery life

is of the most importance. Thirty years later, CMOS has become dominant in commercial,

or more specifically, digital IC products. From the fastest microprocessors to the simplest

3CD4000 by RCA includes two 3-input NOR gates and one inverter. The CD4000 series is for general
purpose and currently called 4000 series, which includes both the original CD4000 and HEF4000 series.
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digital cooking timers, over 99% of today’s commercial ICs are fabricated in CMOS, and

this dominance is not expected to be changed in the foreseeable future.

Because the market of CMOS logic has become so diversified, semiconductor industries

developed transistors with different characteristics targeting various applications [4] (see

Fig. 1.2). High performance (HP) transistors are used in chips where high-speed computa-

tion is needed, such as the central processing units (CPUs) in desktop personal computers

(PCs) and servers. They have the shortest gate length for highest speed, and the result-

ing power consumption is also the highest. Low power transistors are used by portable or

mobile systems, and they can further be divided into two categories: low operating power

(LOP) and low standby power (LSTP). LOP transistors are typically used in relatively high-

performance mobile systems where larger batteries are available (e.g. laptop computers).

This type of transistors emphasize on lower operating (dynamic) power, and therefore the

corresponding supply voltage is the lowest. The gate length is about one year behind HP

transistors for the development. LSTP transistors are used in consumer electronics with

lower performance and a very limited battery capacity (e.g. cellular phones). Such tran-

sistors have the highest threshold voltage and supply voltage to minimize the leakage to

achieve a long battery life. The gate length of LSTP logic is about two years behind that of

HP logic to develop ultra-low leakage process. The above three types of transistors are thin

oxide devices. Most foundries allow only one type of thin oxide transistors on the same

wafer.

On the other hand, analog integrated circuits have evolved from simple amplifiers made
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Figure 1.2: Different types of transistors are developed for various applications based on
different speed and leakage requirements. Source: ITRS 2007
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of a few transistors to very large mixed-mode systems, which are capable of interfacing

the real world for complicated computation systems, handling continuous or discrete time

signals, detecting signals as small as nano-volts [5] or pico-amperes [6], or operating at

frequencies beyond 100 GHz [7]. The diversity of analog functions have enabled countless

new applications.

For many analog and I/O systems, thick-oxide, high voltage precision-analog transistors

are used for off-chip signal drivers or high signal-to-noise ratio (SNR) and low distortion

circuits. Some SoCs in portable or mobile devices use LSTP transistors in the front-end

transceivers or other RF building blocks. These LSTP for RF and analog circuits are defined

as performance-RF transistors by ITRS. The main reason for using such transistors is that

the large digital portion in the same SoC uses LSTP transistors for low leakage, and the

analog circuits have to be compatible with this process option (note that each option can

only have one type of thin-oxide device). Moreover, LSTP transistors have higher speed

than high voltage or thick oxide transistors. They are mainly driven by RF markets but are

usually in production one year later than logic applications for the development of accurate

RF models [8–13] to support electronic design automation (EDA) tools. In the emerging

CMOS millimeter wave applications, HP logic transistors are used for their high operating

frequency capability. They are generally in market two years after the digital productions

for the same reason of model development.

There are several reasons for the popularity of CMOS technology. Above all, CMOS

logic only draws power at transitions (zero static power) and has high noise immunity (or
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noise margin). With a shrunk feature size, CMOS transistors can also operate at higher

frequencies. They can be laid out in a very compact way so that high integration level

can be achieved. Their structure is suitable for manufacture with a controlled defect rate.

Last but not the least, the cost of CMOS IC fabrication can be lowered by shrinking the

geometry of devices in each technology generation.

However, there are also some special applications where the required analog perfor-

mance is prohibitive or not practical for full CMOS implementation. For example, some

power amplification circuits have high voltage swing that can cause the breakdown of ad-

vanced CMOS devices. Some other systems require a larger portion of high performance

analog but only need a medium to low speed digital control or signal processing. To sup-

port the aforementioned applications, technologies that provide both CMOS transistors and

specialized devices are developed, such as Silicon or SiGe BiCMOS process.

Ever since MOS process has been invented, engineers and researchers have been con-

tinuously seeking solutions for better lithography resolution which defines finer device ge-

ometry and line pitches in order to increase the circuit density. Fig. 1.3 summarizes the past

and projected technology nodes from 1970 to 2022. The transistors in the first commercial

CMOS IC have a minimum gate length of about ten microns. In 2009, International Tech-

nology Roadmap for Semiconductors (ITRS) projected that CMOS transistors are going to

have a minimum gate length of 4.5 nm in the year of 2022. The success of CMOS has been

achieved by feature size scaling based on the rules proposed by Robert H. Dennard et al.

The original scaling scheme is summarized in Table 1.1 [14].
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Figure 1.3: Summary of the real and projected technology nodes from 1970 to 2022.

Table 1.1: Scaling scheme for CMOS circuit performance
Device or circuit parameter Symbol Scaling factor

Gate oxide thickness tox 1/κ

Gate length L 1/κ

Gate width W 1/κ

Doping concentration Na κ

Voltage V 1/κ

Current I 1/κ

Capacitance ε
A
tox

1/κ

Delay time VC
I 1/κ

Power dissipation VI 1/κ2

Power density VI/A 1
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As indicated in the table, both switching speed and power consumption of CMOS cir-

cuitry improve with the scaled transistor size. Carriers can travel across transistor channels

in a shorter period of time due to the reduced length, and signals applied at the gates can

alter the channels at a faster speed because of the reduced gate capacitance. Smaller capac-

itance further leads to lower power dissipation since the dynamic power is proportional to

the load capacitance [15]. In addition to speed and power, small transistors achieve higher

function density and thus enable a higher level of integration. Modern IC designs focus

more and more on integrating multiple functions such as high-speed computation, compli-

cated signal processing, and sophisticated control systems in a single die. By doing so, the

power consumption from inter-chip communication is eliminated compared to a chipset

solution, and the cost of system assembly can also be reduced.

Moore’s Law predicts that the performance of integrated circuits doubles every eighteen

months. ITRS also forecasts the development of semiconductors. Transistors in logic ap-

plications are often benchmarked by the intrinsic MOSFET delay τ = CgVDD/Id,sat, where

VDD is the supply voltage, and Cg and Id,sat are the total gate capacitance and the satura-

tion drain current per micron transistor width. The inverse of τ is the intrinsic switching

frequency. Transistors in analog circuits are usually benchmarked by the transit frequency

fT and the maximum oscillation frequency fMAX. fT is the frequency at which the (extrapo-

lated) current gain drops to unity while fMAX is the frequency at which the maximum power

gain is extrapolated to fall to one. For a simplified transistor small-signal model, they can
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be written as:

fT =
1

2π

gm

Cgs +Cgd
(1.1)

fMAX =
1

2π

√
1

4rgCgd

gm

Cgs +Cgd
(1.2)

=
1

2π

√
2πfT

4rgCgd
(1.3)

Fig. 1.4 summarizes the performance of CMOS transistors projected by ITRS. As the

feature sizes of the HP, LOP, and LSTP transistors have been scaled steadily in the past

decade, the performance has also improved accordingly. This trend is projected to continue

for the next decade. By the year of 2022, the maximum intrinsic switching frequency of

HP transistors is projected to be 12.5 THz while the transistors used in RF and high-speed

analog applications can have a maximum fT of more than 800 GHz.

However, technology scaling has not only improved the circuit performance but also in-

troduced other new design challenges, such as the short-channel effect (SCE), lower intrin-

sic voltage gain, higher leakage, reduced voltage headroom, reliability, and so on. There-

fore methodologies for modern designs in deep sub-micron or nanoscale CMOS technolo-

gies have to take into account the undesired effects that comes with the scaling. Though

the basic structure of CMOS transistors remains almost (surprisingly) the same, the rele-

vant design methodologies have been radically changed in order to account for the effects

due to the nanoscale structure.
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Figure 1.4: The transistor performance of the past and projected technology nodes from
2001 to 2022.
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1.2 Challenges in Modern CMOS Designs

Although transistors are getting faster in scaled CMOS, there are many challenges to over-

come to achieve high reliability, good yield, low cost, and high performance before the

engineers can take full advantage of those extremely small and ultra fast transistors.

The continuous trend of downscaling the feature size has led to tiny short channel tran-

sistors whose performance suffers from high electrical fields. Velocity saturation [16] is one

of the most prominent high-field effects. The drift velocity of carriers in silicon ceases to

increase with the electrical field due to the scattering by high-energy phonons4. The typical

values of the saturated velocity and the field strength (Esat) at which the velocity saturates

are about 4×610 V/m and 105 m/sec, respectively. The dynamics of MOS transistors in the

deep short channel regime (short channel, high overdrive, high field) are changed, and the

transistors become non-square law devices. When the carrier velocity completely saturates,

as shown in the following two equations, the transconductance (gm) does not scale with the

gate length (L) any more while in long channel devices it is inversely proportional to L.

The resulting fT is proportional to 1/L rather than 1/L2 and independent of the overdrive

voltage Vgst = Vgs−VT.

gm =
µnCox

2
WEsat (1.4)

fT ≈ 3
8π

µnEsat

L
(1.5)

4Velocity saturation is very common in high electron mobility transistors (HEMT) on III-V substrate. A
heterojunction is used as the channel of such transistors rather than a doped region.
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Threshold voltage (VT) reduction caused by drain-induced barrier lowering (DIBL)

[17,18] is another phenomenon related to shorter channels and strong fields. If the channel

length is short enough to allow the electrical field associated with the drain voltage to extend

to the source, VT is lowered. The reduction in VT can further result in higher sub-threshold

conduction current as indicated in (1.6):

Isub = µ0Cox
W
L

Vt2e1.8e
VGS−VT

n·Vt

(
1− e

−VDS
Vt

)
(1.6)

where Vt is the thermal voltage. Note that the subthreshold slope in (1.6) cannot be scaled

except for the temperature. Modern technologies mitigate DIBL by using a lightly-doped

drain (LDD) structure to create a varying doping profile between the drain and the channel

to engineer the threshold. In nanoscale CMOS transistors, however, it is not uncommon

that VT is overcompensated so that VT even increases with a decreasing gate length. This

is called reverse short channel effect (RSCE) [19, 20].

As the gate oxide thickness (tox) is scaled down to keep the progress of transistor per-

formance, the supply voltage VDD needs to be scaled accordingly to keep the electrical field

sufficiently low to prevent gate oxide breakdown. Lower supply voltages also help reduce

(dynamic) operating power so that power density can be kept under control. However, if

the supply voltage is lowered, the maximum available signal swing, SNR, and noise margin

will be degraded. The reduction in available swing severely impacts the dynamic range of

the analog circuits. Moreover, even though digital circuits are considered have high noise
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immunity, the reduction in the noise margin [21–23] is projected to be a potential problem

for the deep nanoscale CMOS designs [24, 25].

Fig. 1.5 summarizes the nominal supply voltages for different types of transistors at

different technology nodes. For digital and RF circuits, their nominal voltages are projected

to be down to well bellow 1 V while the VDD of the transistors used in analog circuits that

require high SNR and linearity is kept at 1.5 V.

For analog designs, the overdrive voltage Vgst affects their key performance: higher Vgst

generally leads to higher speed and better linearity [26]. As explained previously, VT can-

not be scaled too aggressively to keep the sub-threshold leakage under control (see (1.6))

while VDD has to be reduced for reliability concerns. The combined effect of above two

scaling trends reduces the maximum available overdrive voltage (Vgst,max = VDD−VT) of

thin oxide devices as shown in Fig. 1.6. The projected decrease of Vgst implies the increas-

ing challenges in analog designs if thin oxide transistors are used.

CMOS transistors have finite output resistance (ro) because of the channel length modu-

lation (CLM) effect. There are two other major effects associated with SCE that aggravate

ro and thus degrade the intrinsic gain gmro of a transistor. At high drain voltages, DIBL

reduces the threshold voltage. Lower threshold voltage results in higher drain current and

effectively reduces the ro [26]. Substrate current is another reason that lowers ro: carriers

near the drain in a high electrical field can obtain sufficient energy and become hot car-

riers [27, 28] causing impact ionization, which creates hole-electron pairs. In an NMOS

transistor, for example, the created electrons flow into the drain, but the holes are collected
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Figure 1.5: Supply voltages for various types of transistors in the past and projected tech-
nology nodes from 2001 to 2022.
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Figure 1.6: Maximum available overdrive voltage Vgst,max decreases with the shrinking
gate length.
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by the substrate. Therefore, a substrate current that is sensitive to the drain voltage flows

from the drain to the substrate. It is equivalent to having an extra conducting path that

degrades ro. For small transistors in nanometer CMOS technologies, the intrinsic voltage

gain can be lower than 10 dB (or 3x) [29].

Gate tunneling [30–32] has become another design challenge for low power applica-

tions. In a large SoC or a MOS bypassing capacitor, the leakage power becomes a problem

when the battery capacity is limited. In addition, gate leakage degrades the signal integrity

of the dynamic logic and the biasing accuracy in current mirrors [33].

There are other reliability issues associated with the nanostructure of extremely scaled

transistors, such as gate tunneling, gate-induced drain leakage (GIDL) [31, 34, 35], and

threshold drifting and transconductance degradation caused by hot-carrier trapping [36,

37]. Researchers and industry experts have put extensive efforts in device engineering by

introducing new structures or even new material to mitigate these challenges.

In nanoscale CMOS, the properties of transistors are so much different from long chan-

nel devices that conventional design methodologies are no longer sufficient for modern

designs. These circuits are required to achieve high integration level and superior perfor-

mance but without sacrificing robustness and reliability. Active researches are conducted to

seek new architectures and design techniques to exploit the advantages of the aggressively

scaled transistors while alleviating the issues coming from their nano structures.
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1.3 Design Challenges of RF Frequency Synthesisers in

Nanoscale CMOS

Wireless and mobile communication has been one of the fast growing applications since

1990s. In late 2000s, after multimedia is widely supported by mobile platforms with net-

work capabilities, the communication systems have become a critical channel enabling

other new applications or even new business. Communication today means much more

than downloading a movie or sending an e-mail. Emerging applications demand better and

better circuit performance. For example, low power and low voltage circuits are needed

in a power-constrained environment. New standards require wider bandwidth and noise

performance for higher data rate. Radios integrated in mobile platforms need to have much

better LO phase noise to prevent the transmitted power of one radio from contaminating

another through reciprocal mixing. Moreover, software-defined radios and TV tuners need

very wide frequency coverage.

Phase-locked loops (PLLs) are essential building blocks in almost any SOC; they gener-

ate clocks for digital computational logic, synchronize communications between different

systems, and synthesize RF carrier signals for wireless communications. The design of

PLLs for RF frequency synthesis is a true mixed signal design challenge covering from

high-speed analog and RF blocks (VCO), to high-speed digital blocks (programmable di-

viders), to low speed analog (charge pump and filter) and low speed digital (phase fre-

quency detector) circuits. This thesis targets various design challenges and presents cor-
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responding solutions to realize high performance RF synthesizers in the nanoscale CMOS

era. In particular we focus on supply voltage scaling, area scaling, ultra-wide frequency

range, and ultra-low noise performance.

1.3.1 Design Challenges of Voltage Scaling in PLLs

In many high volume application areas, the integration of analog and digital circuits on a

single chip is a key requirement to reduce the costs or form factor. This has driven extensive

research efforts to port analog and even RF circuits from Bipolar or compound technologies

to standard CMOS. It indicates that making analog/RF interfaces compatible with standard

digital CMOS is critical to realize cost-effective SoCs.

To reduce the cost of the process, the number of masks needs to be limited, and so

do the transistor options. If analog circuits can be implemented with the same thin oxide

transistors used by the digital system in the same SoC, the fabrication costs can be lowered.

It is also believed that keeping a single system supply can greatly reduce the cost of

integration. As shown in Fig. 1.7, if the analog circuits need to share the system supply

that is compatible with digital circuits, the maximum available voltage for analog circuits

will be a dropout voltage lower than the supply. Because the supply voltage for thin oxide

devices has to be reduced to 1 V or sub-1 V (see Fig. 1.5) in order to maintain reliability and

address power density and thermal challenges for digital integrated systems, the resulting
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Figure 1.7: Ultra low voltage PLLs are needed in an SoC that uses only single system
supply.

available supply voltage used by the core analog functions such as PLLs will be an ultra-

low voltage (ULV).

With the above constraints, designing ULV analog circuits using regular VT (RVT)

devices is promising for lower cost. However, such scenario inevitably results in several

design challenges in many aspects. Ultra-low voltage supplies pose a stringent limitation

on voltage headroom and signal swings. The limited headroom increases the difficulties in

stable biasing because the tolerance of input and output ranges is reduced.

In some RF circuits, the signal amplitudes can be increased by using LC-tuned loads so

that voltage signals can swing above supply rails. For example, a tail-biased VCO with its

LC-tank connected to the supply can achieve a swing close to two times the VDD. However,

device reliability may be a concern. Recent studies shows that even AC stress can result in

soft breakdown that reduces the carrier mobility and shifts threshold voltages. This further

degrades the performance of the aged RF circuits [38–43].

Moreover, the limited headroom can possibly impact the speed of analog circuits if VT

is high [44–47]. When transistors introduce RSCE, the threshold voltages can increase
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with a decreasing gate length, and the combined effect of threshold increase and voltage

reduction is that transistors can only be biased at weak to medium inversions from a ULV

supply. For a ULV RF synthesizer operating at gigahertz but from a sub-1 V supply, the

speed limitation of high frequency circuits like RF dividers can become another design

challenge.

1.3.2 Design Challenges of Area Scaling in PLLs

Scaled CMOS enables a high integration level for multiple functions on a single die. Digital

circuits can be shrunk so that the same function is implemented in a much smaller silicon

area when they are ported to a technology with finer feature sizes and line pitches. This

greatly reduces the cost-per-function of digital systems, and therefore area scaling is one

of the key factors for low-cost SoCs.

On the other hand, the costs of integrating RF analog circuits becomes higher because

these systems often need large on-chip passive components, which occupy a considerable

size of silicon. While CMOS technologies keep reducing the sizes of active devices and

increasing the operation speed of transistors, area scaling in analog systems did not seem

to be significant in the past decades.

There are several factors that differentiate the area scaling scenarios for digital and ana-

log circuits. The first one is the dynamic range. In digital systems, the static and dynamic

noise margins are large, and the circuits operate in a highly nonlinear fashion. Therefore,
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digital systems are less sensitive to noise. In analog systems, the performance is limited by

noise, matching, and linearity [48–50], which are often related to the passive components

used in the circuits. Some passive components scales with technology pitches while some

don’t [51]. For example, the density of metal-oxide-metal (MOM) capacitors scales with

the technology because the narrower line spacing (pitch) leads to larger capacitance. Sizes

of inductors don’t scale with the feature size because the inductance only depends on the

geometry. The inductance L of a planar spiral inductor is:

L =
µ0 ·k2 ·Dmean

2
· c1 ·

(
ln(

c2

ρ
)+ c3ρ+ c4ρ

2
)

(nH) (1.7)

ρ =
D−DIN

D+DIN
(1.8)

where k is the number of turns. Dmean, D, and DIN are the mean, outer, and inner diameters.

The constants, ci, depend only on the type of planar inductors, and ρ is defined as the fill

factor of the inductor [52].

Furthermore, the quality factor of most passive components does not increase with the

lithography resolution. For example, the quality factor of inductors can only be improved

by using high conductivity or thick metal to reduce sheet resistance. Inductors in a 45-nm

technology are not necessarily better than those in a 0.13-um technology.

A typical fully integrated low noise charge pump PLL has an LC-VCO, an on-chip

passive R-C loop filter, a high-speed feedback divider, a phase-frequency detector (PFD),

and a charge pump (CP). The digital divider and the PFD both scale with the technology.
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The size of the charge pump is limited by noise and mismatch. However, if the speed of

the charge pump can be improved, for example, with shorter asynchronous reset pulse, the

effect of noise and mismatch can be reduced. Therefore, the size of the charge pump can

indeed be reduced if faster transistors are used in PFD/CP. Note that the above scenario will

be different in fractional-N PLL.

The main challenges to achieve area scaling in such PLL designs are the LC-VCO and

the passive R-C loop filter. Faster transistors in the cross-coupled pair or the biasing current

source do not help reduce the phase noise. The quality factor of the LC-tank is the limiting

factor, and this further requires a large inductor size for a better quality factor. The passive

R-C loop filter also contributes to a large die size. The large capacitor, which creates the

stabilizing zero, is usually more than 100 pF. Even if MOS capacitors are used, it can still

be as large as tens of thousand square-microns.

1.3.3 Design Challenges of Ultra-wide Frequency Coverage

Wide and continuous frequency coverage is important in software-defined radios and some

other applications, such as test equipments and digital TVs. High data rate capability of

microwave links begins to draw attention to the emerging wireless applications with carrier

frequencies beyond 10 GHz. However, building an integrated system that is capable of

synthesizing signal frequencies covering from a few tens of gigahertz down to close to DC
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Figure 1.8: On-chip LC-VCO and the passive R-C loop filter are the two major bottleneck
for area scaling for a fully integrated analog PLL.
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can be very challenging. Moreover, maintaining constant noise performance is critical as

well in such systems.

In systems demanding high spectral purity, LC-VCOs are usually used to achieve low

phase noise. The narrow bandwidth of high quality factor (high-Q) LC-tanks limits the

noise power that results in phase noise sideband. At gigahertz frequency range, the loss

from the parasitic series resistance of the inductor limits the quality factor of the tank. The

quality factors of an inductor and a parallel LC tank can be approximated as:

QL =
2πf ·L

rs
(1.9)

Qtank =
1
rs

√
L
C

(1.10)

where f denotes the frequency of interest, and rs is the parasitic series resistance of the

inductor. Since the tank quality factor is sensitive to rs, RF circuit designs typically avoid

adding circuits that potentially degrade the inductor quality factor. Therefore, planar in-

ductors are seldom made programmable.

With a fixed inductor (same L and rs), the only way to change the resonance frequency

(1/2π
√

LC) of an LC tank is by modifying the capacitance C. Varactors are used for PLLs

to change the frequencies. Capacitors with switches can also be added to extend the pro-

grammable range of the resonance [53], but the turn-on resistance of the switches must be

low enough so that the additional loss is sufficiently low compared to that from rs.

From (1.10), if the capacitance C can be changed a lot to achieve a wide range of res-
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onance frequency, the quality factor of the tank varies. Since the quality factor directly

affects noise performance, the phase noise of an LC-VCO with a wide frequency tuning

range is expected to vary with its oscillating frequency. The dependency of noise perfor-

mance on the frequency can be a challenge in designing a wide frequency tuning range

system.

Besides the change of quality factor, the change of system parameters such as the loop

gain and the feedback factor can also affect the overall noise performance of the synthesized

signal. These issues have to be taken into account for reliable operation of an ultra-wide

frequency coverage system that covers a range up to tens of giga-hertz.

1.3.4 Design Challenges of Ultra-low Noise Fractional-N Synthesis in

PLLs

Low phase noise (or low jitter) is required in many high performance applications: Com-

munication systems using complicated carrier modulation schemes need LO signals with

low phase noise for a small error vector magnitude (EVM). High speed high resolution data

converters need a clean clock with low jitter to achieve a high SNR.

In a delta-sigma fractional-N PLL, the phase noise of the synthesized signal is con-

tributed by various sources. Fig.1.9 illustrates the noise sources in a typical synthesizer. At

offset frequencies higher than the loop bandwidth, the contribution from the VCO and the
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Figure 1.9: Noise sources in a fractional-N frequency synthesizer.

loop filter dominates. Within the bandwidth of the PLL, the noise comes from the phase

detection circuits, divider, and the delta-sigma modulation.

The jitter in the reference buffer, PFD, and the feedback programmable divider directly

impacts the output jitter performance of the PLL. The electrical noise from the charge

pump injects to the loop in a periodical way during its active time5. The quantization error

due to the modulation generates phase modulation sidebands with a high-pass frequency

response. Even though these unwanted sidebands can be filtered by a low-pass loop, the

high-pass-shaped sidebands can be folded back to low frequency offsets in the presence of

PFD/CP nonlinearities.
5Strictly speaking, the active-time of the charge pump in a fractional-N PLL is modulated by the delta-

sigma modulator. The noise is not a strict cyclostationary process.
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As will be reviewed in chapter 4, many publications demonstrated new circuit topolo-

gies or system architectures to reduce the noise from these circuit blocks. However, many

proposed techniques are still impeded by the limited analog performance of nanoscale

CMOS transistors.

1.4 Thesis Organization

The thesis is organized as follows. In chapter 2, robustness concerns and speed issues

associated with supply voltage scaling (down to 0.5 V) will be addressed and analyzed. An

ultra low voltage (ULV) 2.5-GHz GFSK modulator realized in a 90-nm CMOS technology

using only standard digital RVT devices [46, 54] will further be introduced to demonstrate

the proposed solutions to those challenges.

In chapter 3, design challenges associated with area scaling for RF analog circuits are

discussed. A scaling scheme will be proposed to exploit the speed provided by the ex-

tremely scaled CMOS to shrink the LC-VCO to have a much smaller size while keeping a

constant performance and a compatible electrical interface [55]. In addition, a new struc-

ture incorporating an on-chip inductor and the loop capacitor is introduced. A 2.5-GHz

ultra-compact (150um x 280um) analog PLL implemented in a 45-nm CMOS technology

with a fully integrated LC-VCO and an on-chip passive R-C loop filter [56] is used to show

that area scaling can indeed be achieved for a PLL by the proposed techniques.

Chapter 4 focuses on the design challenges associated with the ultra-wide coverage
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frequency synthesis. The planning methodology for the LC-tanks and the requirement of

the quality factors and bandwidth is proposed to achieve stable noise performance of an

LC-VCO bank that covers an octave-wide range. A systematic solution for the synthesizer

is used to keep a constant bandwidth and cycle jitter across the entire synthesis range. A

125-MHz to 32-GHz single chip signal source realized in a 0.18-um SiGe BiCMOS [57]

is demonstrated to prove that the proposed scaling schemes and design methodologies can

achieve constant noise performance across an ultra-wide frequency range.

Design challenges for ultra-low noise fractional-N frequency synthesis will be studied

in chapter 5. We present a detailed noise analysis for a fractional-N frequency synthesizer

using delta-sigma modulation and review a few published solutions achieving low phase

noise for the synthesized signal. Based on the results of the analysis, a new two-step PLL

architecture for ultra-low noise fractional-N frequency synthesis is proposed to reduce the

noise PSD from the major noise sources or circuit impairments. Two designs of 10-GHz

fractional-N synthesizers using two different types of high ratio low noise clock multipliers

will be described. Silicon implementations and part of the simulated and experimental

results will be presented.

In chapter 6, the conclusion of this thesis will be made, and some possible work to

extend the study of the topics in this thesis will also be proposed.
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Chapter 2

Voltage Scaling of Frequency

Synthesizers in Nano-scale CMOS

2.1 Introduction

Supply voltage reduction leads to significant power savings for digital circuits [1]. In large-

scale mixed-mode systems, the availability of analog and RF circuits operating from low

supply voltages compatible with the (future) digital requirements greatly reduces the com-

plexity and cost of the system chip design and test. The International Road map for Semi-

conductors [2] projects that as the dimensions of core thin-oxide devices shrink into the

nano scale, supply voltages have to be reduced accordingly in order to maintain reliability

and alleviate power density challenges in digital logic. The supply voltage for core de-

vices in 90-nm CMOS technology is about 1.2 V and is projected to scale towards 0.7 V

34
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or 0.5 V for extremely scaled devices for low power applications. However, the threshold

voltages (VT) are not scaled with the technologies in order to limit the OFF-state leakage.

The combined effect results in a significant reduction of the available signal swing and bias

overdrive, making analog and RF design with standard devices at ultra-low voltage (ULV)

very challenging [3]. Several techniques to control VT to enable ultra-low voltage opera-

tion for analog and RF circuits have been explored. The MOS transistor back-gate has been

used to apply input signals or to apply a forward body bias for VT reduction and control

in [4–7]. Low VT devices are used in e.g., [8] to have better overdrive budget and sufficient

fT for a receiver front end operating from a 0.5 V supply. Transistor sizing can also be

optimized by taking advantage of the reverse short-channel effect to reduce VGS biasing

requirements, implement transistor stacks or reduce switch ON-resistance [5, 9, 10].

The possibility to build analog and wireless interfaces that can operate from an ag-

gressively downscaled supply voltage has been explored in [8, 11] for receiver front-ends

and full receiver signal chains, and in [5, 7, 10] for base-band signal processing blocks and

analog-to-digital converters. In this work we study the implementation of ultra-low voltage

phase-locked loops (PLLs) [12] which are key building blocks to realize true ULV fully

integrated systems; e.g., PLLs are used to synchronize data communications between dif-

ferent systems, or to synthesize RF carrier signals for wireless communications. PLLs are

true mixed-mode systems and combine both analog and digital circuits that operate over

a wide range of frequencies and amplitudes with stringent requirements on low noise and

low power consumption. PLLs can further be used to generate RF signals with continuous
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phase or frequency data modulation and in combination with a non-linear power ampli-

fier implement transmitters for systems using constant-envelope signals. PLLs with data

modulation capabilities can also enable the use of highly efficient polar transmitters for

non-constant envelope applications [13, 14].

To achieve a sufficiently small integrated phase error, the PLL bandwidth is often much

smaller than the required data bandwidth so that in-loop modulation cannot achieve the

wideband data modulation rates for many high performance wireless communication sys-

tems. Two-point modulation schemes combine both low-pass in-loop and high-pass out-

of-loop modulation paths to achieve a wide-band data transmission path superimposed at

the output of the synthesizer [15–20].

In this chapter, we present the design of a frequency synthesizer that operates from

an aggressively downscaled supply voltage and that includes two-point data modulation

capabilities with calibrated gain for wide-band angular modulation; it demonstrates design

techniques overcoming the most challenging issues raised by voltage scaling.

2.2 Ultra Low Voltage Fractional-N Synthesizer and GFSK

Modulator

The block diagram of the complete frequency synthesizer with two-point data modulation

is depicted in Fig. 2.1. A fractional-N architecture with sigma-delta modulation for the
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Figure 2.1: Block diagram of the delta-sigma fractional-N frequency synthesizer with two-
point data modulation

divider control word is used for frequency synthesis [21]. The frequency synthesizer is

further used as a frequency/phase modulator by modulating both the digital divider control

word, as well as the tune voltage on a secondary VCO tune port with a DAC. The ultra-low

voltage operation of the prototype synthesizer is made possible through a number of design

techniques which will be described in the following sections.

This chapter is organized as follows. In the next section we discuss the design of the

ULV RF building blocks addressing the reliability and robustness issues for nano scale

technologies. Section 2.4 presents the design of the frequency synthesizer and describes

the designs of the phase-frequency detector (PFD), charge pump, and the delta-sigma mod-

ulator (DSM). Section 2.5 describes the two-point data modulation approach with an as-
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sociated gain calibration method. In section 2.6, experimental results are presented and

discussed. Finally, the conclusions of this work are given in section 2.7.

2.3 Ultra-low Voltage Synthesizer RF Building Blocks

2.3.1 Ultra-low Voltage Voltage-Controlled Oscillator

In extremely scaled CMOS devices the channel electrical field and hot carriers become

significant, and even dynamic voltage stress can cause hot carriers and soft breakdown

that result in a reduced mobility and increased threshold voltage. The degraded electrical

parameters can degrade the performance of the aged RF circuits [22–24]. In particular in

RF VCOs, large voltage swings are often used even beyond the rated supply voltage to

obtain low noise performance, which thus raises reliability issues.

Two different VCO configurations are depicted in Fig. 2.2; the first one is the tail-

biased oscillator with NMOS cross-coupled switching pair in Fig. 2.2 (a). The LC tank

and the negative resistance formed by the cross-coupled pair M1, M2 are connected to the

power supply. While the oscillator operates in voltage-limited mode at maximum ampli-

tude, the gate and drain voltages in the cross-coupled transistors swing to almost two times

the supply voltage. For the extremely scaled CMOS technologies, this will raise reliability

concerns as described above1.
1Note that the chip prototype in this work was fabricated in 90nm CMOS with a maximum supply of 1.2V

so that the voltages in a tail-biased 0.5-V VCO would not exceed the maximum rated voltage. However, our
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(a)

(b)
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(c)

Figure 2.2: Biasing schemes of VCOs with an NMOS cross-coupled pair: (a) tail-biased
(b) top-biased. (c) Complete schematic of the 0.5-V VCO with continuous and discrete
varactor tuning
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In the top-biased topology illustrated in Fig. 2.2 (b), the common mode of the output

waveforms can be designed to be about half the supply voltage by proper sizing of the

NMOS switching transistors M1 and M2 and the PMOS current source M3. With this

bias scheme, all the internal nodes are kept between the power supply and ground at all

times and reliable operation can be achieved even when technologies with lower break-

down voltages are used. The drawback of this bias arrangement is that the oscillator’s

maximum peak-to-peak single-ended swing is limited to VDD. The lower swing compared

to other topologies can possibly impact the noise performance but reliability issues are

largely avoided. A dual topology with PMOS switching transistors and an NMOS current

source has the same properties but for ultra-low voltage operation, an NMOS cross-coupled

pair is preferred due to the higher NMOS transistor fT. There are several publications an-

alyzing the noise performance in different CMOS VCO with cross-coupled pairs [25–27].

The top-biased topology using a PMOS current source can have a smaller substrate noise

contribution from the current source since the PMOS transistor is placed in an N-well.

In this work, a top-biased VCO with NMOS cross-coupled pair and PMOS current

source which is suitable for low voltage operation is implemented with only regular VT

devices. Even though the VCO operates from a 0.5-V power supply, there is still 250 mV

available for the source-drain voltage of M3 so that it operates in saturation as a current

source. In order to provide better noise immunity at the tune node, the VCO tuning gain

research goal is to investigate design techniques for extremely scaled CMOS technologies and in that context
this topology cannot be used.
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needs to be limited. At the same time, a sufficiently wide frequency output range is also

needed to cover the entire application bandwidth but more importantly to compensate for

process variations. Therefore, a hybrid frequency tuning scheme composed of discrete and

continuous parts is used [28–32] which is compatible with applications that do not require

long uninterrupted operation such as packet based wireless communication transceivers.

Since metal-metal capacitors switched with series MOS switches have relatively low

quality factors at low supply voltages, discretely switched varactors are used for discrete

frequency tuning [31,32] in this work. The tuning nodes of the varactors are driven by logic

signals, which switch the varactors between two discrete states without requiring extra se-

ries switches. The COFF for the switchable capacitor is now determined by the OFF-state

capacitance of the varactor and therefore less sensitive to the parasitic capacitance of the

driving logic gate. Additionally, the use of switched varactors leads to a more compact lay-

out and a better matching between the discrete and continuous tuning parts. Varactors for

ultra-low voltage operation and compatible with the VCO biasing are implemented with

inversion mode PMOS transistors whose gate nodes are connected to the LC tank while

the VCO tune voltage is connected to their source and drain nodes which are shorted. The

PMOS varactors are laid-out using unit cells, which have a width of 20 um and a length of

0.4 um. Regular VT PMOS devices with a 0.4 um length have a reduced threshold voltage

of 150mV due to the reverse short-channel effect. When the tune voltage increases ranges

between 300 mV and 500 mV, the source-gate voltage changes from 50 mV to 250 mV, and

the PMOS varactors are tuned from depletion region towards inversion region. In simula-
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tion, each varactor unit cell can be tuned from about 20 fF to 90 fF, which corresponds to a

tuneability of 60%. The simulated Q of the varactor is about 30 at 2.5 GHz. A thermometer

code is used for control so that a monotonic tuning characteristic is guaranteed.

The complete schematic of the top-biased VCO is depicted in Fig. 2.2(c). A 4.5 nH six-

turn center-tapped symmetric inductor is constructed using metal-9 and metal-8 in parallel

and has a simulated Q of 9 at 2.5 GHz; The center tapped inductor is purposely designed to

have an even number of turns such that the center tap connection and the signal connections

come out on the same side and are easily connected to the active circuits. Any parasitic loop

close by the resonator formed by the DC current path, the power rails and IO rings can so

be avoided.

The VCO nominally drains a bias current of 4 mA from a 0.5-V supply and can be

tuned from 2.4 GHz to 2.6 GHz with 16 discretely switched varactor as shown in Fig. 2.3;

depending on the selected setting, the continuous tuning range obtained by varying Vtune1

between 350 mV and 450 mV varies between 20 MHz and 25 MHz; the varactors for both

analog tuning ports are identical. The VCO has a typical phase noise of -124 dBc/Hz at

3 MHz offset in simulation.

2.3.2 Ultra-low Voltage Truly Modular Programmable Divider

The programmable divider has a truly modular architecture [33, 34] with a cascade of 11

simple divide-by-2/3 stages and divides the VCO signal from 2.5 GHz to 16 MHz. The
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Figure 2.3: Measured VCO tuning curves w.r.t. Vtune1 for 16 different switched varactor
settings; the characteristics for Vtune2 are identical.

ripple architecture allows for low voltage (0.65 V) and high frequency operation since

subsequent stages operate at progressively lower frequencies and with lower power. The

first four cells are differential current-mode stages followed by seven standard-cell CMOS

stages with modulus extension logic [35]. Buffers are added between the CML and CMOS

logic stage to convert the differential logic to single-ended CMOS logic. The back-end

divider composed of standard CMOS logic cells was verified to operate up to 250 MHz for

a supply voltage as low as 0.5 V over process and temperature corners in post-layout simu-

lations. An additional high-speed flip-flop is added at the divider output to re-synchronize

the edges of the divider output to a VCO edge and to remove the jitter accumulated along

the cascaded stages.
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To implement high-speed logic at ultra-low voltage supply, dynamic and current-mode

implementations were investigated. For a true single phase clock logic latch [36], the

single-ended circuit provides limited supply rejection and requires an extra inverter if non-

inverted logic is needed. For a pseudo-differential latch (see e.g. [37]), relatively large

clock swings are needed to switch the latch from transparent to latched mode. In simula-

tions, both logic implementation styles could not fulfill the speed requirement at ultra-low

voltage operation with a given input single-ended swing of 300 mV peak-to-peak. Fully

differential CMOS current-mode latches shown in Fig. 2.4 (a) have been used in this work

since they could achieve higher operation speeds using the design techniques outlined next.

Using a bias current source further gives a better supply noise rejection and better bias con-

trol over process, voltage and temperature variations.

The major challenge at ultra-low VDD is to operate all devices in moderate to strong

inversion to obtain sufficient fT for high-speed operation. The required node biases for a

simple current-mode latch is depicted in Fig. 2.4 (a). With a supply of 0.65 V, the output

DC level is chosen to be 0.5 V to provide a peak-to-peak single-ended output swing of

300 mV. Since the clock and data inputs are connected to the outputs from other cells, the

DC common-mode level at all inputs is thus also 0.5 V. The current source transistor M7

needs to to have a VDS of about 200 mV to operate in saturation region; the transistors

M3 and M4 are designed for a gate-source overdrive, (VGS−VT), of 75mV while the

clock transistors M1 and M2 are designed for an overdrive of 100 mV for higher speed

operation. In order to achieve these overdrive voltages, the VT of M3 and M4 needs to be
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(a)

(b)

Figure 2.4: (a) Schematic of a D-latch using current-mode fully differential logic showing
the required common-mode and DC biasing for 0.65 V operation; (b) VT reduction due to
the reverse short-channel effect and the transit frequency, fT, of an NMOS transistor with
VGS = 300 mV and VDS = 100 mV, i.e. the same biasing condition as M1 in (a).
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125 mV while the VT of M1 and M2 needs to be 200 mV. If these biasing constraints can

be satisfied, the latch can indeed operate from a very low supply voltage with the required

swing and with a current source in its tail.

The first technique to adjust the VT of regular NMOS devices is to make use of the

reverse short-channel effect. By increasing the length of the regular NMOS transistor from

90 nm to 350 nm, the nominal threshold voltage is reduced from 300 mV to about 140 mV;

for a fixed gate-source bias voltage, the fT reaches its maximum when the gate length is

about 200 nm to 240 nm as illustrated in Fig. 2.4 (b). In the fully differential latches, the

lengths of M1 and M2 are set to be 240 nm while for transistor M3 and M4 a shorter device

with a length of 120 nm is used. To further adjust the VT of the devices, a 450-mV forward

body bias is applied to all the NMOS transistors in the current-mode logic gates to have

a VT reduction of 50mV. Transistors M1/M2 and M3/M4 then have VTs of 125 mV and

200 mV respectively. Note that since the voltage applied on the body node is lower than

the turn-on voltage of the substrate and well junctions, latch-up is avoided [38]. However,

the parasitic capacitors of the device to the body will increase due to the increased junction

capacitance density. This can possibly lead to increased noise sensitivity which is discussed

in the next section.

The AND function needed in the divide-by-2/3 cells can be incorporated in the pream-

plifier section of the latch in a fully-differential manner as shown in [34]. The differen-

tial AND function is composed of both NAND and NOR branches which provide equal

loading to the latches driving them. Whereas this implementation does require a cascode



48

structure in the AND function which reduces the available voltage headroom, we found it

performed better than the solution in [39] using an unbalanced implementation of the logic

function. The unbalanced logic has fewer transistors stacked but requires a high common-

mode rejection to obtain a differential AND output. At high frequency, with limited output

impedance of the clock transistors, the common-mode rejection for the unbalanced logic

function is poor and the swing at the differential output becomes asymmetric. Unbalanced

loading at each circuit node also causes the output common-mode level to vary substan-

tially. Through simulations, the first implementation is found to operate more reliable over

different process and voltage corners and has been used in this work.

To achieve the highest operation frequency in the first divide-by-2/3 stage, the cross-

coupled latch transistor pairs are sized smaller than the logic transistors. To maximize the

divider sensitivity, the self-oscillation frequency of the divider was designed to coincide

with the divided frequency and the clock port is DC biased with a resistive voltage divider

from the supply. In pre-layout simulations the first fully differential 2/3 divider stage was

confirmed to operate with an input clock frequency of more than 4 GHz over process,

voltage and temperature corners. Along the cascade of stages, a power scaling factor of

0.7 rather than 0.5 has been used in order to leave enough margin for the wiring parasitics

which cannot be scaled.
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2.4 Fractional-N Synthesizer Design and Building Blocks

2.4.1 Delta-sigma Modulator for Divider Modulus Control

In order to synthesize frequencies with steps finer than the reference clock, a digital delta-

sigma modulator is used to modulate the modulus control word and generate a sequence

of over-sampled words to control the integer programmable divider [21]. A MASH-1-1-

1 modulator architecture was selected for its simplicity and the associated benefits. The

core of MASH-1-1-1 modulator is a cascade of first order delta-sigma modulators which

are equivalent to digital accumulators with a fixed length. It is thus unconditionally stable

over the entire fractional input range and is easily scalable for different modulator noise

shaping orders. Since there are no global feedback loops, it can also be easily modified

into a pipelined structure.

At ultra-low voltage operation, the standard logic cells cannot achieve a high speed of

operation and therefore a pipelined structure has been used in the modulator. The block

diagram of the pipelined implementation of the 24-bit digital delta sigma modulator with a

16-bit modulation data path and bit shifting function is shown in Fig. 2.5. The accumulators

have been pipelined since the critical delay comes from the carry-out propagation in the

ripple adders which can be as long as 24-bit without pipelining. Unlike in [40] where the

pipeline does not mesh the original data into single bits, the accumulators are segmented

every eight bits. Additional registers are inserted to gate the carry-out bits. As a result, the
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Figure 2.5: Implementation of the pipelined 24-bit delta-sigma modulator with 16-bit mod-
ulation data path and bit shifting.
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maximum delay is bounded by the carry-out propagation of an 8-bit ripple adder while the

hardware overhead is kept to a minimum.

For data modulation (further details in the next section), a 16-bit long data modulation

word is summed to the 24-bit fractional part of the modulus control word by a pipelined

adder. The modulator modulates the 24-bit fractional number into an oversampled 4-bit

(in 2’s complement format) word sequence. The 4-bit modulator output is then summed

with the 11-bit integer number representing the carrier center frequency. Since the carrier

frequency is static during the data transmission, no alignment registers are needed in the

path where carrier frequency control word is fed. As shown in Fig. 2.6 (a), the resulting 11-

bit modulated modulus control word is then applied to all stages of the current-mode and the

CMOS logic divider stages. The division modulus is modulated in a noise shaped fashion

over a range from N+4 to N-3 with a step of one and results in a non-integer division ratio

between N+1 and N. With 24-bit fractional resolution, the frequency synthesis can give a

step size below 4 Hz for a reference frequency of 16 MHz.

As described in section 2.3.2 the substrate parasitics of the high-speed dividers are

increased by the forward body bias applied to the transistors resulting in larger noise cur-

rents injected into the substrate. This substrate noise can now possibly couple stronger

into the VCO and result in additional VCO phase noise. Important components of the sub-

strate noise originate from the noise-shaped 2/3-divider modulus switching which occurs

at frequencies beyond the PLL loop filter bandwidth. Since the VCO phase noise transfer
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function has a high pass characteristic towards the output, these noise components are not

suppressed by the loop.

To alleviate this noise coupling, a shift in the modulus modulation bits can be used

whereby each shift corresponds to a multiplication of the modulated word stream by two.

The first two stages of the programmable dividers consume the highest currents for high-

speed operation and are closest to the VCO circuit and are thus the most likely to create

noise coupling problems. As shown in Fig. 2.6 (b), the modulation can be shifted to start

only from third stage to avoid it the switching of the high power stages. The modulation

step size is now 4 and the modulus control word is changed over a range from N+16 to N-12

by the modulator. Since now the first two stages operate in a periodic way, they effectively

provide buffering between the divider and VCO so that fewer buffer amplifiers are needed

and power consumption can be reduced. The first two stages were not replaced with fixed

divide-by-2 circuits but were kept as divide-by-2/3 stages. This offers more flexibility to

synthesize each frequency with different divider moduli combination which can help avoid

fractional spurs. In addition, the synthesizer can still have a minimum frequency step equal

to the reference frequency while operating in integer mode. Due to the increased step size,

the phase noise due to the DSM quantization is also increased by a factor of 4. The PLL

needs to be designed to provide extra 12 dB suppression for this additional noise. In this

work, we use third order low-pass filtering in the PLL and by reducing the bandwidth by

a factor of two, the loop can provide an extra 18 dB of out-of-band attenuation, which is

sufficient to suppress the increased quantization noise.
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With a 24-bit fractional resolution, the frequency synthesis has a step size smaller than

16Hz for a reference frequency of 16 MHz, which is more than sufficient for most appli-

cations. However, this shifting and the resulting larger modulation step results in a higher

level of phase noise due to the delta-sigma modulator quantization noise. Since this addi-

tional noise is attenuated by the loop filter before reaching the output, an appropriate loop

filter design with higher attenuation in the stop band can reject this additional noise. For ap-

plications requiring medium phase noise performance such as Bluetooth [41], the increase

in quantization noise will not cause any noticeable degradation of the output phase noise

while this modulation re-arrangement can effectively suppress the effects of increased sub-

strate noise injection due to the forward body biasing while providing more flexibility of

frequency synthesis.

2.4.2 PFD and Charge Pump Design

An asynchronous tri-state phase and frequency detector (PFD) shown in the left of Fig. 2.7

is utilized in the loop. Additional delay cells which corresponds to about a 1-ns delay time

are inserted in the feedback in order to increase the on-state pulse width to prevent a dead-

zone problem due to the finite turn-on time of the charge pump current. The output of the

PFD is multiplexed to have a dual polarity for the flexibility in the loop filter design and

VCO tuning gain polarity.

The charge pump circuit uses a source-switch topology with discretely programmable
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(a)

(b)

Figure 2.6: Programmable divider with control word modulation starting at (a) the first
divider stage or (b) shifted to the third divider stage.
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Figure 2.7: Circuit implementation of the phase frequency detector and charge pump.

current strength shown on the right of Fig. 2.7. Compared to the implementation in [42],

the cascode transistor of the switched current source is removed due to limited voltage

headroom. This modification reduces the output impedance of the charge pump circuit and

the output current becomes more strongly dependent on the output voltage. The PLL has

been designed such that the VCO is locked with a tuning voltage between 350 mV and

450 mV. Over this voltage range, the simulated maximum difference between the sink and

source currents due to the finite output impedance of the NMOS and PMOS current sources

is less than ±10%.

The overlapping ON time of the charge pump current transistors is about 1ns, and the

source-sink-current difference is corrected by the type-II PLL by settling with a static phase

error resulting in current pulses injected into the loop filter by the charge pump. For the

worst-case current pulses, their frequency component at the reference frequency has a 10-
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uA amplitude. The loop filter is designed to have an impedance of less than 1Ω at the

reference frequency such that the ripple at the VCO tuning node is smaller than 10 uV and

the reference spur is can be estimated lower than -80 dBc when the tuning gain is at its

maximum of 333 MHz/V.

Reference spurs can further originate from the switching interference on the power rails

from the single-ended charge pump. When the source or sink current sources are switched

ON and OFF, the VDD and ground rails become the return paths of these currents coming

back from the loop filter. When the loop is in lock, this switching becomes periodic and

therefore creates interference through cross-talk on shared bonding pads or power supply

traces2. If this periodic interference reaches the power rails of the VCO, it can modulate

the frequency of VCO which has a non-zero supply pushing figure. In this prototype the

VCO does not have a separate voltage regulator and has to share its power-supply bonding

pad with the charge pump due to the limited number of available pads. Simulations with a

package model demonstrated that the periodic switching interference coupled through the

shared bonding pads results in a ripple on the VCO power supply of about 70 uV and given

a simulated supply-pushing figure of this ultra-low voltage VCO of 475 MHz/V, this results

in spurs of -55 dBc/Hz. We conclude that mechanism is the dominant contributor of the

reference spur in this prototype synthesizer, which could be alleviated in future designs by

using an on-chip loop filter and a cleaner VCO supply, possibly with a dedicated regulator.

2This effect is typically more pronounced for a design with off-chip loop filters.
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2.4.3 Loop Design and Simulation

The loop parameters have been designed to achieve a minimum integrated phase error.

Assuming that the power spectral density of the phase detector noise is flat and the VCO

phase noise power spectral density has approximately a 20-dB/dec roll-off, and that these

noise sources are dominant, one can show that the optimum loop bandwidth is close to

the frequency where the phase noise of the phase detector and the VCO are at the same

level. For this design, this optimal loop bandwidth is about 60 kHz while the synthesizer is

operating in integer-N mode. However, in fractional-N mode, the phase noise contributed

by the delta-sigma modulation cannot be ignored. In particular, due to source-sink-current

difference caused by the finite output impedance of the charge pump, the PFD becomes

non-linear and out-of-band quantization noise from the delta-sigma modulation is folde–d

back in band. This problem is worse when the modulus control bits are shifted since that

results in higher quantization noise levels. In addition, a lower loop bandwidth is further

desirable to obtain higher attenuation of the reference spurs due to the source-sink-current

differences previously described. Simulations show that for a third order loop filter and

a 60-kHz loop bandwidth, the contribution from the delta-sigma modulator quantization

noise can be as high as 75% of the total integrated phase noise. In this prototype, a passive

third-order external loop filter has been used, and the loop bandwidth of the synthesizer

was set to about 30 kHz. Automatic frequency centering for the discrete frequency tuning
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has not been implemented in this prototype but several approaches can be found in the

literature [29, 30].

The closed-loop phase noise performance was evaluated using a non-linear verilog-

A/AMS behavioral loop simulation. The building blocks were first simulated at the transis-

tor level to determine performance parameters such as delay, phase noise, and source/sink

current mismatch. These circuit parameters were then incorporated in phase-domain macro

models so that the closed-loop PLL could be simulated in a shorter time using transient

analysis. The phase noise from each circuit block is converted into equivalent timing jitter

to capture the time domain behavior. The VCO is modeled as a FM modulator in the phase

domain, and its output is scaled by the programmable divider with the MASH-1-1-1 delta-

sigma modulator. The reference oscillator is also modeled in the phase domain. The PFD

state transitions are triggered by zero crossings of the reference phases and zero crossings

of the divided output phases to preserve the asynchronous operation in the model. The PFD

further has a non zero feedback delay to obtain overlapping up and down pulses so that the

effects of charge pump source/sink current mismatch can be simulated. After locking was

achieved in the loop simulation, the phase of the VCO was extracted and processed to com-

pute the simulated phase noise. The charge pump source-sink current differences used in

the behavioral simulation was set to be ±10%, and the input-referred nonlinearity-induced

quantization phase noise floor is -120 dBc/Hz which corresponds to -76 dBc/Hz at the

output.

Fig. 2.8 shows the simulated phase noise performance of the synthesizer for fractional-
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N operation with an output frequency of 2.6 GHz as well as the loop filter configuration and

components. The contributions from the major noise sources are also plotted separately.

The delta-sigma modulator quantization noise contributes significantly to the output noise

at lower offset frequencies. The simulated phase noise of the proposed frequency synthe-

sizer is about -66 dBc/Hz and -122 dBc/Hz at 10 kHz and 3 MHz offsets, respectively, and

corresponds very well to the measured results (see section 2.6).

2.5 Two-point GFSK Data Modulation with Gain Cali-

bration

2.5.1 Two-point Data Modulation

Constant-envelope continuous-phase modulation can be accomplished with a frequency

synthesizer by digitally controlling the divider ratio with the modulation data. Since it can

rely on a known and stable reference frequency, this solution achieves high frequency purity

compared to open-loop direct analog modulation. For integer-N synthesizers, without fine

step control, the frequency steps are often too large for direct digital modulation and the

resulting output spectrum would have significant side lobes that violate the spectral purity

requirements. In fractional-N synthesizers, which typically offer very fine step control,

the modulation signal can be applied to the divider control; the data signal can further

be shaped by a pulse-shaping filter such as a Gaussian filter [13] to obtain the desired
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(a)

(b)

Figure 2.8: (a) loop filter configuration and component values; (b) Simulated output phase
noise for a 2.6-GHz output in fractional-N mode; the contributions of the major noise
sources as well as the measured results are also plotted.
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modulation signal. The frequency steps due to the modulation can thus be smoothed and

therefore result in less spurious emission. However, the data modulation bandwidth is

limited by the loop bandwidth of the PLL.

In order to achieve a modulation bandwidth wider than the loop bandwidth, open-loop

direct modulation of a VCO can be used. The loop is opened during data transmission, and

the data or corresponding analog modulation signal directly modulates the tune node of the

free-running VCO [43, 44]. Due to its open loop operation, this technique can suffer from

frequency drift during data transmission as the correction of the center frequency by the

feedback loop is absent.

The two-point modulation architecture combines the benefits from the above two ap-

proaches [15]. A PLL can be viewed as a filter with two input nodes. A digital modulation

signal applied to the PLL divider ratio undergoes a low-pass transfer function; an ana-

log modulation signal applied at the tune port of the VCO in a locked PLL undergoes a

high-pass transfer function. These low-pass and high-pass paths have identical cut-off fre-

quencies and can be combined to achieve an all-pass modulation path for base-band data

transmission superimposed on the center frequency of the PLL. A detailed loop analysis

can be found in [18, 19]. This architecture is highly suitable for on-chip integration since

the digital modulation signal can be easily applied to fractional divider modulus control

(see section 2.4.1), and a DAC can be implemented to convert the digital modulation signal

to an analog voltage signal to modulate the VCO modulation tune node. The block diagram

of the architecture used in this work is shown in Fig.2.9. In this research we primarily fo-
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Figure 2.9: Block diagram of the fractional-N synthesizer with wide-band two-point mod-
ulation.

cused on the ultra-low voltage implementation of the PLL components including the VCO,

dividers, delta-sigma modulators and PFD and charge pump, whereas the implementation

of the random bit generation and modulation and compensation logic was done with an

off-chip FPGA for experimentation flexibility; the modulation DAC and monitor ADC are

also part of the FPGA prototyping system.

For an FSK system, the frequency deviation ∆ f is usually specified implicitly through

the desired modulation index β. If the digital modulation signal is applied to the divider

ratio control, the corresponding frequency deviation is well-controlled since it is directly

proportional to the reference frequency fREF:

∆ f = A · fREF (2.1)
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where A is the numerical representation of the full scale modulation-signal swing. In this

work, the frequency deviation is smaller than the reference frequency, and therefore A is

a fractional number. GFSK modulation is used; a bit stream is first converted to bipolar

format, and then filtered by a Gaussian pulse shaping filter to obtain the digital baseband

modulation signal. This signal is then scaled to swing between ±A. The scaled signal is

then added to the ratio between the RF center frequency and the reference frequency and

the resulting signal is used as the digital ratio divider for the fractional-N synthesizer (see

section 2.4.1).

The frequency deviation ∆ f for the digital modulation signal applied to the analog VCO

modulation tune port is:

∆ f = KVCO ·KDAC ·KCAL ·A (2.2)

where KVCO is the tuning gain of the modulation port, KDAC is the DAC gain which converts

digital numbers into voltages, and KCAL is an additional scaling factor applied to the digital

data. To obtain the same frequency deviation for the digital modulation port and the analog

modulation port, and thus a flat all-pass modulation transfer function, KVCO ·KDAC ·KCAL

needs to equal to fREF. Consequently, KVCO and KDAC need to be accurately determined

to obtain the required KCAL. However, they are not well-controlled and subject to process,

temperature and voltage variations. Mismatch in the two modulation paths will affect the

accuracy of the modulated output signal and a gain calibration of the modulation paths is
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required and is described in the next section. The gain mismatch can then compensated in

the digital domain through KCAL.

Path delay mismatches can be another possible source of modulation inaccuracies. De-

lay mismatches primarily originate from the latency of the DAC and the delta-sigma digital

modulation pipeline. Note that the system clock in this work is 16 MHz, set by the used

reference frequency, which is 16 times higher than the 1 MHz channel bandwidth, and

much higher than digital modulation bandwidth set by the loop filter bandwidth, so that

delay mismatches are not anticipated to play a significant role. To evaluate the delay mis-

match sensitivity of wide-band GFSK modulation demonstrated in our system, additional

registers have been inserted after the Gaussian modulation filter. Two copies of the modula-

tion data with different relative phases can now be selected for the DAC driving the analog

modulation port and for the digital modulation port in the two-point modulator. As we

will demonstrate in the measurement results, a few cycles of system clock delay mismatch

between the two modulation paths do not introduce significant effect on the output signal

quality.

2.5.2 Gain Calibration

Synthesizers with in-loop modulation have used various calibration schemes to achieve the

desired modulation bandwidth [45, 46]. For two-point modulation the VCO tuning gain

needs to be accurately measured as described in the previous section. In [47], the all-digital
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PLL architecture is exploited to estimate the tuning gain of the DCO. In [48], an open-

loop approach is used to estimate the tuning gain. An accumulator is used as a open-loop

frequency-to-digital converter to estimate the VCO frequency change when a voltage step

is applied to the tuning node. Fig. 2.10 illustrates the closed-loop analog modulation gain

calibration procedure used in this work. First the control word of the DAC is set so that

Vtune2 is VREF2 and the PLL is set to the desired carrier frequency; after the PLL locks, the

ADC measures the voltage on the primary VCO tuning port, Vtune1; this voltage is saved

as VREF1. Next, the control word of the DAC driving the secondary VCO tune port for

modulation is incremented so that Vtune2 is increased with ∆V. The PLL is allowed to lock

again. Given the negative KVCO in this prototype, Vtune1 will decrease. Next a search is

performed to find the digital modulation control word that lets the PLL lock again with

Vtune1 =VREF1. The frequency control word is decreased in small steps until Vtune1 reaches

VREF1. Based on the frequency control word increase and the reference frequency, the

frequency change corresponding to a control word increase at the input of the DAC driving

the VCO modulation port can be determined, so that the analog modulation gain can be

extracted and the required KCAL can be determined to obtain a flat combined modulation

response.

The frequency deviation used in this work is 175 kHz; given the relatively large VCO

tuning gain, the resulting DAC voltage swing at the tuning node is less than 10 mV. There-

fore, the tuning characteristic can be assumed linear for the modulation signal, and the gain

calibration only needs to be done around the biasing point of the tuning port. Note that
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since the ADC is only active during calibration, its impact on the power consumption is

minimal.

2.5.3 Simulation

The modulation quality was evaluated using verilog-A/AMS models in a time-domain sim-

ulation based on the approach used for noise analysis (see section 2.4.3). While applying

Gaussian-pulse-shaped signals with appropriate calibrated swing to both the digital modu-

lator and the VCO modulation port, the instantaneous frequency of the VCO was observed.

The simulated eye diagram is shown in Fig. 2.11 and the RMS FSK error is simulated to

be 3.0%.

2.6 Experimental Results

The presented modulator was implemented in a standard 90-nm CMOS process with one

poly silicon layer and nine metal layers. The active circuit is designed with only regular

VT devices. The analog supply voltage is 0.5 V and the digital supply voltage is 0.65 V. No

on-chip voltage boosting has been used. The die photo is shown in Fig. 2.12, and the core

measures 0.2 mm x 0.7 mm.
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Figure 2.10: Flowchart for the algorithm used for the analog modulation tuning gain cali-
bration.
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Figure 2.11: Simulated eye diagram for the 2-Mbps GFSK modulation

Figure 2.12: Chip micro photograph.
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(a)

(b)
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(c)

(d)

Figure 2.13: Measured results in frequency synthesis mode at highest output frequency
of 2.6 GHz: (a) measured output spectrum and the reference spur level; measured phase
noise spectrum of the synthesizer output at room temperature (b) and at 80◦C (c); (d) noise
performance across multiple samples.
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2.6.1 Frequency Synthesizer Measurements

In the frequency synthesis measurements, the primary and secondary tune ports are shorted

together, and a 180-degrees hybrid was connected to the RF output of the balanced 50-

ohm load driver. The synthesizer has an output power of -8.5 dBm including the loss

of the hybrid, board and cables with a reference spurious level of -52 dBc as shown in

Fig. 2.13 (a). The reference spur is due to the crosstalk between VCO and the charge pump

through their shared supply bond pad as discussed in section 2.4.2.

In Fig. 2.13 (b) and (c), the phase noise spectrum of one sample at 2.6 GHz is plotted

at room temperature and at 80◦C. The measured phase noise at 1 MHz and 3 MHz offsets

from a 2.6-GHz carrier for eight samples is summarized in Fig. 2.13 (d). In Fig. 2.14,

the entire synthesizable range from 2.4 GHz to 2.6 GHz with different capacitor settings is

shown. Overall the phase noise is better than -109 dBc/Hz at 1 MHz offset and -120 dBc/Hz

at 3 MHz offset. During the measurements, no clear close-in fractional spurious tones were

observed for any channel across the entire 2.4 GHz ISM band. Most likely, due to the

relative high PFD nonlinearity and the low voltage operation, the folded quantization noise

and the VCO phase noise mask the fractional spurs. A 2-dB increase in the far-out phase

noise was also observed when the modulation bit shift was disabled.

A second ULV LO synthesizer for ISM band applications is also implemented in the

same 90-nm technology [49]. This synthesizer uses the same architecture as the one de-

scribed above except that the LC VCO oscillates at 5 GHz so that 2.5 GHz I/Q LO signals
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Figure 2.14: Synthesizable range from 2.4 GHz to 2.6 GHz with different capacitor set-
tings.
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Figure 2.15: The summary of the LO phase noise performance measured at 10-kHz, 100-
kHz, 1-MHz, 3-MHz, and 10-MHz offsets for all 80 ISM-band(2.4 GHz) channels

can be generated by a divide-by-2 circuit. The measured phase noise of the synthesized

LO at different channels from 2400 to 2480 MHz with a 1-MHz step is summarized in

Fig. 2.15. The phase noise at 100-kHz, 1-MHz, 3-MHz, and 10-MHz offsets are below

-87 dBc/Hz, -116 dBc/Hz, -126 dBc/Hz, and -134 dBc/Hz.
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(a)

(b)
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(c)

(d)

Figure 2.16: Measured results for 2.0 Mbps GFSK modulation: (a) measured modulation
quality and eye diagram; (b) measured output signal spectrum of the two-point modula-
tor; (c) summarized modulation quality of multiple samples; (d) summarized modulation
quality for carrier frequencies from 2.4 GHz to 2.6 GHz
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2.6.2 2-Mbps GFSK Data Modulation Measurements

To test the prototype ultra-low voltage synthesizer with GFSK modulation, the modulation

signal is generated using the 2S60 FPGA development board from Altera with a 32-MHz

system clock (see Fig. 2.9). For test purposes the FPGA generates a pseudo-random data bit

sequence which is converted to bipolar format and filtered by a Gaussian filter with BT=0.5

to obtain the corresponding digital modulation signal. The magnitude of the modulation

data for the analog modulation path is adjusted according to tuning gain obtained from

the gain calibration described earlier; it is then converted into an analog signal to drive the

analog modulation tune port of the VCO. The digital modulation signal is down-sampled to

16 MHz and applied to the pipelined digital modulation port of the delta sigma modulator

controlling the programmable divider.

The modulation quality was measured with an HP89441A vector signal analyzer (VSA).

The balanced RF output of the modulator is connected to the VSA through a 180-degrees

hybrid coupler followed by a amplifier to obtain a sufficient signal level for a reliable VSA

measurement. For a data rate of 2.0 Mbps, the modulation quality and eye diagram of a

GFSK modulation signal with a center frequency of 2.5 GHz is shown in Fig. 2.16 (a) and

the corresponding output spectrum is shown in Fig. 2.16 (b). The measured GFSK modu-

lation quality for four samples at 2.5 GHz is given in Fig. 2.16(c) and the measured GFSK

modulation quality over the entire 2.4 GHz to 2.6 GHz range in given in Fig. 2.16 (d). The
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Figure 2.17: Measured FSK error with different gain and phase mismatches between high
pass analog and low pass digital modulation paths.

average frequency deviation is 174.6 kHz and the worst case RMS FSK error is less than

5%.

To evaluate the effects of gain and phase mismatches between the two modulation paths

intentional phase mismatches and gain mismatches were introduced. The Gaussian filtered

data stream is fed to a phase adjust section composed of a delay line and two multiplexers.

The multiplexers select properly delayed copies of the modulated signals to set up phase

differences between the low pass digital modulation port and the high pass analog modula-

tion port. Gain errors were generated by changing the magnitudes of the modulation data
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stream driving the DAC in the high pass analog modulation path. The resulting modulation

error is plotted in Fig. 2.17 w.r.t. to the phase difference for different gain errors. For a gain

mismatch of up to ±12.5% and small phase offset, the RMS FSK error is about 5.2% with

a range of phase mismatch covering more than one data symbol period. The performance

is very insensitive to path delays thanks to the relatively high clock speed of the modulation

and delta-sigma modulator logic compared to the loop filter bandwidth and the modulation

bandwidth.

2.6.3 Summary and Discussion

The typical synthesizer performance is summarized in Table 2.1. The total power consump-

tion of the chip with a 2.5-GHz VCO was measured to be 6mW excluding the 50-ohm load

driver; the digital circuitry circuit which includes the digital delta-sigma modulator and the

programmable divider operates from a 0.65-V digital power supply, DVDD, and consumes

3.5mW; the analog portion which includes the VCO, the phase and frequency detector, and

the charge pump which operates from a 0.5-V analog power supply, AVDD, and consumes

2.5 mW. Based on simulation, the power consumption breakdown for the VCO, PFD with

the charge pump, and the programmable divider is estimated to 2.4 mW, 0.1 mW, and

3.5 mW, respectively. The second LO synthesizer uses 0.6 V for both analog and digital

supplies. The synthesizer draws 4.2 mW from AVDD, and 8.3 mW from DVDD.

The phase noise at different offsets is summarized for both integer and fractional modes;
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there is about 2 dB of degradation in the fractional mode compared to its integer counterpart

in the first synthesizer. The RMS phase error is 3.9 degrees in the integer mode and 4.4

degrees in the fractional mode. The residual FM noise integrated from 1 kHz to 500 kHz

is 4.6 kHz in the integer mode and 5.2 kHz in the fractional mode. With this performance,

the frequency synthesis function can be used for 2.4-GHz ISM band applications such

as Bluetooth3 [34]. The second synthesizer using a 5 GHz LC-VCO achieves a superior

performance compared to the first one. The integrated phase error is only 2.6 degrees in

the fractional mode.

Table 2.6.3 lists the performance of recently published 2.4-GHz CMOS frequency syn-

thesizers in various technologies and with various supply voltages. Several designs also

include data modulation capabilities. The design presented in this chapter operates from

the lowest supply voltage. Thanks to this aggressive voltage scaling the power consump-

tion of the digital sections is very low resulting in a very low overall power consumption

for the synthesizer.

2.7 Conclusions

In this chapter, a low power 0.65-V 2.4-GHz fractional-N synthesizer for both LO gener-

ation and GFSK two-point data modulation is presented. The circuit is implemented in a

standard 90nm CMOS process using only regular VT devices. The ultra-low voltage oper-

3For use in Bluetooth, the center of the synthesizable frequency range should be moved to 2.44 GHz from
the current 2.5 GHz to increase robustness of the design
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Table 2.1: Performance summary of the synthesizers.

Table 2.2: Comparison of 2.4GHz frequency synthesizer performance
Reference VDD CMOS Power Type fREF Phase Noise [dBc/Hz] Data Rate

[V] [um] [mW] [MHz] In-band Out-of-band [Mbps]
[50] 3.3 0.5 135 Frac. 48 -100 2
[16] 2.5 0.25 55 Frac. 13 -133@3MHz 2
[51] 2.5 0.25 87.5 Frac. N/A
[52] 1.8-2.2 0.18 88 Frac. 48 -121@3MHz 1
[34] 1.8 0.18 55 Int. 0.5 -65 -125@3MHz N/A
[53] 1.2 0.13 15 Frac. 13 -80 -125@1MHz N/A

This Work(1) 0.65/0.5 0.09 6 Frac. 16 -60 -121@3MHz 2
This Work(2) 0.6/0.5 0.09 12.5 Frac. 32 -75 -127@3MHz N/A
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ation is made possible through a number of design techniques that address the anticipated

design challenges of nano-scale CMOS technologies w.r.t. supply voltage scaling and reli-

ability; in the VCO, a top biased topology is chosen to maintain all internal node voltages

within the power rails at all times; in the current-mode logic, the lengths of transistors are

optimized by taking advantage of the reverse short channel effect, and forward body bias is

applied to reduce the threshold voltage. The synthesizer performance is further optimized

by applying a shift in the modulation control to reduce the effects of the noise injection

from the dividers into the VCO without the need for additional buffers. Broadband angu-

lar data modulation of the carrier is achieved through two point modulation. The gain of

the two modulation paths is calibrated and compensated in the digital domain. The digi-

tal modulation processing is meshed into 8-bit pipelined structure to guarantee sufficiently

high clock speed while operating from an ultra-low voltage supply.
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Chapter 3

Area Scaling of RF Frequency

Synthesizers in Nano-scale CMOS

3.1 Introduction

With the continued feature size down scaling for CMOS technologies, digital systems can

be implemented in a much smaller area and consume much lower power. For every gener-

ation, the minimum gate length is roughly reduced to 1√
2
, so twice as many as the digital

gates in its previous node can be implemented within the same area. Furthermore, since the

supply voltage, oxide thickness, and the feature size are scaled so that the power density

can be roughly kept the same, the power consumption for the same function is reduced by

50%. In short, area scaling is one of the key cost-down factors for today’s mass consumer

electronics (CE) markets.
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For RF and mixed-mode applications, the peak transit frequency fT has been increasing

dramatically from about 100 GHz at the 90-nm node to 280 GHz at the 45-nm node; it is

projected to be larger than 400 GHz at nodes beyond 32 nm [1]. The scaling in transistor

speed is opening up higher frequency bands for CMOS-based RF transceivers. As impor-

tantly, the higher integration density in combination with higher device speed is making

possible very highly integrated RF transceivers comprising digital, analog and RF circuits,

for mass market wireless communication applications such as cellular phones or wireless

LANs.

However, except for power and speed, not all the circuits can directly benefit from the

feature size scaling in terms of silicon area. This is because the performance of analog

circuits is also limited by mismatch [2] and noise, which is usually in tradeoff with area.

On the other hand, in digital systems, area scaling does not come with a significant cost

of noise performance because of the higher noise margin. Take a current DAC for exam-

ple, its linearity (INL, DNL) is limited by the matching of the output current sources. To

achieve better matching for higher linearity, larger transistor size is needed, and larger area

cannot be avoided. Some other analog systems like switched-capacitor circuits introduce

the integrated noise power of kT/C, where k is the Boltzmann constant, T is the absolute

temperature, and C is the sampling capacitor. As a result, lower noise power requires larger

capacitance as well as a larger area.

Technology scaling indeed provides better lithography resolution and process control so

that better matching and density becomes possible for components with certain particular
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structure. However, not all such improvement can turn into better noise performance. In

fact, most of the passive components, such as inductors and capacitors, do not gain better

quality factors from the scaling itself. This is another challenge that limits the feasibility

of area scaling for RF systems because tuned circuits are extensively used in such systems,

but the circuits relay the performance heavily on the limited quality factor of the on-chip

passive components. For example, the quality factor of on-chip planar inductors does not

improve with the technology scaling. The only drastic improvement of on-chip inductors is

due to the use of copper and thick metalization, starting from 0.13-um CMOS technology

node in early 00’s. There hasn’t been any more significant improvement since that time.

Meanwhile, the cost of integrating large passive components onto an SOC is becoming

higher and higher in terms of the equivalent number of functions that can be implemented

within the same area needed by the passive component. For a typical inductor sized 200 um

by 200 um, the silicon area is estimated to be equivalent to a gate count of about several tens

of thousands in a 45-nm CMOS technology. The all-digital QPSK baseband transceiver

in [3] using 0.8 um CMOS technology is estimated to occupy an area of only 200 um

by 200 um in 45-nm CMOS. The low power 1024-points Fast Fourier transform (FFT)

processor implemented in 0.7 um CMOS in [4] can be estimated to be about 400 um by

550 um if it is implemented in 45-nm CMOS. The low power multi-rate FSK receiver in [5]

has a gate count of 19000. The digital calibration processor for the pipelined ADC in [6]

is estimated to have approximately a gate count of 8400. From the above four examples,
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it is clear that the passive components are actually more and more expensive in extremely

scaled CMOS technologies.

RF communications require high purity carrier signals for transmission and reception.

These carriers are usually generated with an LC voltage-controlled oscillator (VCO) in-

corporated in a phase-locked loop. In applications using giga-hertz carriers, on-chip LC

resonators as well as integrated loop filters enable lower pin counts, smaller bill of mate-

rial (BoM), and easier interfaces [7], but occupy a relatively large silicon area due to the

large size of inductors and capacitors. For a constant quality factor, operating frequency

and inductance, the area of spiral inductors does not benefit from technology scaling. Fur-

thermore, for optimal loop bandwidth operation, the capacitance needed in the loop filter is

also inevitably high. In nano-scale CMOS technologies, the area occupied by such induc-

tors and capacitors becomes progressively larger and prohibitively expensive. To reduce

the occupied silicon area, some designs use fewer or even avoid using large passive com-

ponents, such as [8] [9]. Some designs use the inductor-stacking technique to improve the

circuit density [10, 11].

In the first part of this chapter, the challenges and possibilities of achieving area scaling

for RF frequency synthesizers are briefly investigated. We will then introduce a scaling

method to increase the oscillation frequency so that the inductor size can be reduced while

maintaining oscillator performance. We use an oscillator at N times the desired frequency

followed by a divide-by-N frequency divider. Compared a reference oscillator at the de-

sired frequency, the scaled oscillator consumes the same power and achieves the same phase
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noise performance while its area can be reduced by a factor of N2. In the next section we

discuss the scaling method and address the constraints of power consumption, oscillation

frequency, phase noise, and amplitude. Section 3.4 presents the simulation and verifica-

tion of scaled oscillators illustrating the proposed scaling method. Section 3.6 presents

an ultra-compact filly integrated analog PLL design that make use of the proposed scal-

ing methodology. In section 3.7, we further introduce a special stacked capacitor-inductor

layout structure to remove the additional silicon area needed by the loop filter. With such

structure and the proposed LC-VCO scaling scheme, an wideband ultra-compact PLL is

designed, implemented, and characterized to prove that it is possible to achieve area scal-

ing for fully integrated RF synthesizers using LC VCOs. The experimental results will be

presented and discussed in section 3.8.

3.2 Challenges for Area Scaling in RF Synthesizers

A typical fully integrated low noise charge pump PLL has an LC-VCO, an on-chip passive

R-C loop filter, a highspeed feedback divider, a phase-frequency detector followed by a

charge pump. The question here is: given a constant power and noise performance, is it

possible to scale the silicon area of such PLL while a better technology is available?

The digital divider and the PFD both scale with the technology. The performance of

the charge pump is limited by noise and the mismatch. However, if the speed of the charge

pump circuits can be improved, the asynchronous reset pulse from the PFD for dead zone
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elimination can be used. The resulting shorter active-time can reduce the effects of noise

and mismatch from the charge pump. As a result, the size of the charge pump can indeed

be reduced if faster transistors are used in PFD/CP. Note that the above scenario might be

very different in fractional-N PLLs because the delta-sigma modulation also increases the

average active-time. The active-time caused by the modulation depends only of the output

RF VCO cycle and the type of modulator.

Therefore, the main challenges of such PLLs are the passive loop filter and the LC-

VCO. For low phase noise, faster transistors in the cross-coupled pair or the biasing current

source do not help reduce the phase noise. The quality factor of the LC tank is the limiting

factor of phase noise performance, and this further requires a large inductor size for higher

quality factor. The passive R-C loop filter also occupies a considerably large silicon area.

The large capacitor, which creates the stabilizing zero is usually more than 100 pF. Even

if a MOS capacitor can be used, the size is still as large as the square of a few hundred

microns.

3.3 Scaling LC Oscillators with a Constant FoM Constraint

To achieve area scaling for a fully integrated analog PLL, design techniques for shrinking

or even eliminating the silicon area needed by the LC-VCO and the loop filters are needed.

In this section, we will first demonstrate how to exploit the speed provided by the extremely
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Figure 3.1: Two alternate solutions to generate a signal at frequency f 0: (a) a top biased
fundamental NMOS LC oscillator operating at f 0; or, (b) a top biased harmonic NMOS
LC oscillator operating at N f 0 followed by a divide-by-N frequency divider.

scaled CMOS to shrink the LC-VCO to have a much smaller size while keeping a constant

performance.

3.3.1 Phase Noise-Power Trade-offs and Oscillator FoM

Fig. 3.1(a) shows a top-biased NMOS cross-coupled pair LC oscillator with a biasing cur-

rent IBIAS. This topology has the advantage that the voltage swings of oscillation wave-

forms Vop and Von can be kept between VDD and VSS which helps avoid reliability con-

cerns in scaled CMOS technologies [12]. The oscillation frequency f 0 is set by the parallel

inductance L and capacitance C of the tank f 0 = 1/(2π
√

LC). For sufficiently large am-
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plitudes, the transistors in the cross-coupled pair switch between ON and OFF and steer

the DC bias current to alternate sides of the tank. The resulting square-wave currents flow

through the tank which converts their fundamental frequency components into a sinusoidal

output voltage while filtering out all other frequency components; the amplitude of the

fundamental of the resulting differential output voltage Vop−Von is

V0 =
4
π
·RP · IBIAS (3.1)

where RP is the parallel resistance of the tank. The parallel resistance depends on the

quality factor, Q, and the characteristic impedance, Z0 =
√

L/C of the LC tank: RP = QZ0

[7].

The phase noise of the LC oscillator at an offset frequency ∆ f from the carrier fre-

quency f 0 can be expressed as

L(∆ f ) =
F ·kT

V2
0
· RP

Q2 ·
(

f 0

∆ f

)2

(3.2)

where F is the excess noise factor modeling the noise contribution from the active devices

[7, 13–15]. Generally, F does not scale significantly with the feature size, and (3.2) can be

applied for different oscillator topologies as long as F is changed appropriately. Note that

for constant V0, RP, and Q, the phase noise of an oscillator scales quadratically with the

oscillation frequency f0.
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A phase noise-power consumption trade-off exists for oscillator and a figure-of-merit

(FoM) for an oscillator design can be defined as [7]:

FoM = −10 · log

(
L(∆ f ) ·

(
∆ f
f0

)2

· VDD · IBIAS

1mW

)
(3.3)

where VDD is the power supply.

By combining (3.2) and (3.3), the FoM can further be expressed as:

FoM = −10 · log
(

F ·kT
V2

0
· RP

Q2 ·
VDD · IBIAS

1mW

)
(3.4)

Fig. 3.1(b) shows an oscillator operating at f
′
0 = N f0 followed by a divide-by-N fre-

quency divider. At the output of the frequency divider, the angular speed of the divided

signal is reduced by N, and the phase noise of the output signal is N2-times smaller than

the noise of the oscillator, assuming a negligible noise contribution by the divider. PLL-

based frequency synthesizers typically have a programmable frequency divider with a large

division ratio in the loop. A standard practice is to re-time the output of the frequency di-

vider with the VCO signal to eliminate the divider noise [16].

For a given desired phase noise performance at a given output frequency f0, we note

that for the oscillator-divider combination in Fig. 3.1(b) the oscillator phase noise can be

N2 larger.
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3.3.2 Frequency Scaling for Constant FoM

With feature size scaling in CMOS technologies, the transit frequency fT of the transistors

has dramatically increased. However, judging from (3.4), LC oscillator performance does

not benefit from this transistor speed scaling since it primarily depends on the quality of the

passive components. On the other hand, the power consumption of frequency dividers can

be reduced significantly when the fT of the transistors is higher. However, in nanometer

CMOS technologies, we can consider to make the oscillator operate at higher frequencies

and then divide its output signal down with frequency dividers to achieve the same output

frequency. Thanks to the high transistor fT, the power penalty from the extra dividers will

be sufficiently small. By doing so, we will show that the area of the LC tank in the oscillator

can be significantly reduced while keeping the phase noise of the divided output and the

power consumption constant.

When scaling the oscillator, the oscillator bias current IBIAS needs to be kept the same to

keep the power consumption the same given a constant supply voltage VDD. Additionally,

the oscillation amplitude V0 is assumed the same given the constant VDD. Maintaining

the amplitude and the biasing current constant further requires a constant RP, see (3.1),

which means that the tank impedance at resonance is to be kept the same. To maintain

the oscillation start-up gain, the negative-gm in the oscillators to overcome the tank loss is

then also required to be the same. For CMOS transistors with a constant bias current, the

gm scales with the aspect ratio of the transistors, channel mobility µ, and the gate oxide
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capacitance Cox. The aspect ratios of transistors in the cross-coupled pair are thus required

to be scaled such that it achieves the same negative-gm with the same bias current.

For the harmonic oscillator-divider combination (Fig. 3.1(b)) to obtain the same phase

noise, L(∆ f ), at its f0 output as the fundamental oscillator (Fig. 3.1(b)), the harmonic

oscillator can have a phase noise L ′(∆ f ) = N2L(∆ f ) at its oscillation frequency f ′0 = N f0

L ′(∆ f ) =
F ·kT

V2
0
· RP

Q′2
·
(

N · f0

∆ f

)2

(3.5)

so that we conclude the tank quality factor Q’ also is required to be constant.

Since the quality factor of the harmonic oscillator’s LC tank at N· f0 is

Q = RP ·
√

C′

L′
, (3.6)

a constant quality factor and RP constraint further results in the requirement that the ratio

between C’ and L’ and thus the characteristic impedance, Z0, remains the same. Then, to

scale the frequency from f0 to N· f0 the scaled inductance L’ and C’ need to be:

L′ =
L
N

(3.7)

C′ =
C
N

(3.8)

We conclude that for the Nth-harmonic oscillator-divider combination to achieve the



98

same oscillation amplitude and the same output phase noise for the same power consump-

tion, the tank inductor and capacitor have to be reduced by N while keeping the tank Q

constant. We further note that the harmonic oscillator and the fundamental oscillator have

the same FoM under the described scaling scenario.

3.3.3 Area and Frequency Scaling with Constant Oscillator FoM

The inductance, L, of a planar spiral inductor can be expressed as:

L =
µ0 ·k2 ·Dmean

2
· c1 ·

(
ln(

c2

ρ
)+ c3ρ+ c4ρ

2
)

(nH) (3.9)

ρ =
D−DIN

D+DIN
(3.10)

with k is the number of turns, Dmean, D, and DIN, the mean, outer, and inner diameters. The

constants, ci, depend only on the type of planar inductors, and ρ is defined as the fill factor

of the inductor [17]. The inductance is thus approximately proportional to the diameter and

the square of the number of turns. To make the oscillation frequency N times larger, the

inductance and capacitance need to be both reduced by a factor of N.

For integrated RF LC oscillators, the tank quality factor is limited by the quality factor

of the inductor [7]. At GHz frequencies, the inductor quality factor is dominantly set by

the loss due to the series resistance, rs, of the windings: Q = 2π f0L/rs. By substituting RP,

(3.2) can be rewritten as (3.12):
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rs ≈
RP

Q2 (3.11)

L(∆ f ) ≈ F ·kT
V2

0
· rs ·

(
f0

∆ f

)2

(3.12)

In the proposed scaling scenario we want to keep the tank quality, and thus the inductor

quality, constant while going to an N-times smaller inductance value for an N-times higher

oscillation frequency. This means that the series resistance, rs of the scaled inductor can

remain constant. Note that at very high frequencies, the loss due to skin effect of the

conductor might become very pronounced, and so the geometry of the inductor may need

to be adjusted to compensate this extra loss.

There are several degrees of freedom in scaling the geometry of the inductor to meet

the above requirement and uniform geometry scaling is one possible solution; it keeps the

shape and the number of turns the same while proportionally scaling all dimensions of the

inductor, shown in Fig. 3.2 for scaling factors are 2, 4, and 8. Uniform scaling is enabled

by the scaling of the back-end-of-line (BEOL) in advanced CMOS technologies, and it will

be limited by the layout design rules.

According to (3.9), uniformly scaling the geometry of the inductor by 1/N, the mean
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Figure 3.2: The proposed uniform scaling of inductor geometry parameters and associated
oscillator parameters.
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diameter Dmean is also scaled by 1/N, while keeping the number of turns, k and the fill

factor ρ, constant, the inductance is scaled by 1/N. For a constant sheet resistance, and

given the constant aspect ratio for the inductor trace under uniform scaling, the number of

squares in the trace are constant and so is the rs.

Using the scaled inductor with an N-times smaller capacitor then results in a tank with

an N-times higher oscillation frequency but with the same quality factor at resonance. For

tunable oscillators, the relative tuning range requirement of the harmonic oscillator remains

the same as for the fundamental oscillator. This can easily be achieved by scaling the vari-

able and fixed capacitors in the tank by the same factor. Since the parasitic capacitance of

the inductor is proportional to its area and thus scaled by 1/N2, the resulting self resonance

of the inductor is then scaled up by N3/2, which means that the ratio of operating frequency

to self-resonance frequency will reduce. If the inductor’s parasitic capacitor plays a signif-

icant role in the tank design, the tank capacitor will need to be scaled less.

This scaled LC tank can then be used in an harmonic oscillator that achieves the same

oscillator FoM as the fundamental oscillator. However, due to the uniform scaling of the

inductor, the silicon area of the inductor is now reduced by a factor of N2. Given that

the inductor size dominates the total area occupied by the oscillator, the oscillator area is

reduced by N2. The scaling scheme of parameters for the proposed harmonic oscillator are

summarized in Table 1.1.
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Table 3.1: Proposed Constant FoM Scaling Scheme
Parameters Original Scaled Description

O/P Frequency f0 f0 Constant output frequency f0

DC Power P P Constant power consumption
Phase noise @O/P L(∆ f ) L(∆ f ) Constant output noise

Voltage Swing V0 V0 Constant V0 for logic operation
Supply Voltage VDD VDD Constant VDD assumption (It is actually

scaled for device reliability)
Bias Current IBIAS IBIAS Constant IBIAS from constant power and

VDD requirements
Tank Impedance @f0 RP RP Constant RP from constant voltage swing

and bias current requirements
Negative-gm −gm −gm Constant negative-gm to overcome the

loss from the constant RP

Osc. Frequency f0 N· f0 Frequency upscaling by N times
Phase noise @Osc L(∆ f ) N2 ·L(∆ f ) N2 times higher the phase noise in (3.5)

Tank Q @Osc Q Q Constant Q from constant swing, and RP
at N times the oscillation frequency in
(3.5)

Figure of Merit FoM FoM Constant FoM from constant power, fre-
quency, and phase noise at O/P

L-C ratio L/C L/C Constant L to C ratio from constant Q and
RP in (3.6)

Inductor L L/N Scaled inductance from constant L/C ra-
tio and N times the oscillation frequency

Parallel Capacitor C C/N Scaled capacitance from constant L/C ra-
tio and N times the oscillation frequency

Series Resistance rs rs Constant rs from constant Q and RP in
(3.11)

Inductor Diameter D D/N
Inductor Area A A/N2 Scaled geometry from constant rs and
Trace Width W W/N scaled inductance in (3.9)

Trace Spacing S S/N
Transistor Aspect Ratio W/L W/L Constant transistor aspect ratio of the

cross-coupled pair from constant bias cur-
rent and constant negative-gm require-
ments

Divider Modulus 1 N Divide-by-N for constant output output
frequency requirement
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3.4 Circuit Simulation Verification for LC Oscillator Scal-

ing Scheme

To verify the conclusions of the proposed oscillator scaling method, we simulated groups of

test LC oscillator circuits in a 1.1-V 45-nm CMOS technology. The oscillators are designed

such that the voltage swing is limited to about 1.1-V differential at the tank output so as to

not overstress the scaled transistors [12].

The core oscillators use the top-biased topology illustrated in Fig. 3.1. We made three

groups of test circuits using octagonal inductors with respectively two, three, and four

turns. Within the same group, the bias currents are set to be the same, and the aspect ratios

(W/L) of the transistors were kept the same for constant negative-gm, while the LC tanks

are scaled for operation at oscillation frequencies of 1 GHz, 2 GHz, 4 GHz, and 8 GHz. To

partially mimic the scaling of oscillators in different technology nodes using only a single

45-nm CMOS technology design kit, the minimum gate length of transistors used in the

oscillators has been scaled with the frequency as 0.35 um, 0.18 um, 90 nm, and 45 nm,

respectively.

The inductors layouts were generated and uniformly scaled such that the smallest scaled

inductors are compatible to the design rules of the technology used. The inductors were

then simulated with an EM simulators to obtain their two-port parameters. The compo-
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nent parameters for a lumped inductor model were fitted to the simulated results and these

models were used for spectreRF1 simulations of the oscillators.

1spectrRF is the trademark of Cadence
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Figure 3.3: Simulated phase noise spectrum for Group-1 oscillators using 4-turn inductors
which are uniformly scaled to achieve different oscillation frequencies.

The design parameters and simulated performance of the oscillators are summarized

in Table 3.2. The simulated phase noise spectrum of oscillators in one group at different

scaled frequencies is plotted in Fig. 3.3. Flicker noise induced phase noise is excluded in

the simulation since its scaling effect is outside the scope of this work. For oscillators in-

cluded in PLLs, the flicker noise induced phase noise is typically of minor concern because

the close-in phase noise is suppressed by the high-pass loop response seen by the oscilla-

tors. Similar results were obtained for the other groups. The results show, as expected, that

the phase noise of the oscillators in the same group increases by close to 6 dB for a doubling

of the oscillation frequency. The FoMs of the scaled oscillators are plotted in Fig. 3.4. Os-
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Figure 3.4: Simulated FoMs of different oscillators operating at different frequencies and
using uniformly scaled inductors with different number of turns.

cillators in the same group where the inductors are scaled uniformly indeed achieve almost

identical FoMs as predicted by the proposed scaling method. The estimated silicon area

occupied by the inductors for different scaled oscillators are also summarized in Fig. 3.5.

The 2, 4 and 8-GHz oscillators in the same group have a constant power consumption,

output swing, and FoM (and thus identical phase noise performance at the fundamental

output frequency) compared to the fundamental oscillator at 1 GHz, while their areas are

reduced 1/4, 1/16, and 1/64 respectively.

We further simulated a CMOS static logic divide-by-8 circuit dividing 8 GHz down to
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Figure 3.5: Estimated silicon area occupied by inductors used in the proposed oscillator
scaling method.
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1GHz which is the worst case operation condition in the same technology and it had a power

consumption of about 200 uW which is no more than 5% of any of the core oscillators used

in the test circuits.

3.5 LC Oscillator Area Trade-offs

In addition to the commonly used FoM, it is also possible to use FoMA which takes into

account the area of the oscillators [18]:

FoMA = FoM−10 · log
(

Area
1 mm2

)
(3.13)

FoMA is used to compare the area efficiency as well as the noise performance and

power consumption. It is based on the principle that the area of an integrated oscillator is

dominated by the on-chip planar inductor, and that to the first order, the square of the quality

factor of planar inductors scales with their area [19]. The quality factor of an inductor

approximately equals to the ratio between the series reactance and the resistance. For

uniformly scaled inductors, based on (3.9), the inductance scales with the Dmean, or roughly

the square-root of the area, whereas the series resistance, rs, remains constant. The quality
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factor is then proportional to the oscillation frequency f0 and
√

Area:

Q =
2π f0 ·L

rs
(3.14)

= kQ ·
√

Area · f0 (3.15)

For oscillators operating in the current-limited regime, the bias current and the tank

impedance together govern the oscillation swing as shown previously in (3.1). Substituting

(3.1) into (3.4), the resulting expression for the FoM only depends on the square of tank

quality factor and the ratio between the VDD and V0. The latter only changes marginally

and the FoM thus depends mainly on the square of tank quality factor. For oscillators

operating at the same frequency, the quality factor scales with the square root of the inductor

area, and FoMA is then expected to decouple the dependency of the FoM on the quality

factor; the FoMA will thus reach the same value for the oscillators operating at the same

frequency.

The above observations can be verified by revisiting Fig. 3.4. The difference between

the FoMs for groups 1, 2 and 3 are 1.6 dB and 2.5 dB, which exactly corresponds to the

ratio between the areas of two- and three-turn, and three- and four-turn inductors at the

same oscillation frequencies. The FoMA of the scaled oscillators is plotted in Fig. 3.6 and

the FoMAs of oscillators using inductors with different number of turns but oscillating at

the same frequency are very close. This illustrates that the FoM depends mainly on the
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square of the tank quality factor, and the square of quality factor scales with the area at a

constant oscillation frequency.

After substituting (3.1), (3.15), and (3.4) in (3.13), it can easily be shown that the FoMA

scales with the square of oscillation frequency. This can also be observed in Fig. 3.6.

Since there are trade-offs between area and performance, it would be interesting to see

if the normalized phase noise can be improved when the oscillating frequency scales up

but the area is kept the same. The scaling scheme is defined as follows: the inductor to

be optimized is a symmetric square inductor for differential oscillators. The inductance

is scaled linearly with the inverse of oscillating frequency (as the same scheme proposed

in the previous section) while the outer diameter of the inductor is kept constant. All

the other geometry parameters, such as metal wire width, routing spacing, and number of

turns are optimized for the highest possible quality factor at the scaled center frequency

of the oscillator. The series of simulation is done by the optimization tool provided by

ASITIC. Table 3.3 summaries the simulated results of the constant area inductor scaling.

The results indicate that it is indeed possible to obtain higher quality factor by pushing

up the oscillating frequency while the inductor area is the same. However, there might

be no inductor satisfying all the aforementioned constraints for such scaling: Group-1 in

Table 3.3 is able to be scaled up to 4-GHz, but Group-2 can only reach 2-GHz. Furthermore,

the improvement in inductor Q is not always guaranteed by the constant area frequency

scaling. For example, when Group-1 inductor is scaled to be used in a 4-GHz oscillator,

the quality factor is not very much improved compared to the 2-GHz one. Therefore,
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Table 3.3: Summary of Simulated Inductor in Constant Area Frequency Scaling
Group # of Diameter Trace Spacing Ind. Osc. Resonance Ind. Q at

Turns Width Freq. Freq. Osc. Freq.
[um] [um] [um] [nH] [MHz] [MHz]

1
6 400 19.9 6.4 9.79 1000 3722 6.8
3 400 20.4 9.8 4.89 2000 8553 10.0
2 400 24.2 17.9 2.54 4000 17100 10.55

2
4 400 29.9 5.9 4.94 1000 5202 8.0
2 400 28.5 10.1 2.44 2000 12960 10.9

unlike the constant FoM scaling scheme, the constant area scaling may or may not be able

to provide significant performance improvement.

3.6 Ultra Compact Fully-integrated Analog Phase-locked

Loop

Phase locked loops (PLLs) are essential building blocks for almost all integrated circuits;

they are used for clock generation on digital ICs, for clock recovery in I/O circuits and for

carrier frequency synthesis in wireless transceivers.

As CMOS technologies continue to scale to smaller feature sizes, the integration of

analog and RF integrated circuits becomes progressively challenging. Additionally, the

area of digital integrated circuits scales down quadratically with feature size reduction,

whereas the size of passive components does not scale significantly. Every introduction of
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Figure 3.6: Simulated FoMAs of different oscillators using uniformly scaled inductors
with different number of turns and at different frequencies.
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a new technology generation raises questions about the feasibility and/or the performance

of analog and RF circuits

In this section, we investigate the design of a fully integrated PLL for frequency syn-

thesis in wireless applications in an advanced 45-nm CMOS technology. All-digital PLLs

have been introduced (see e.g., [20, 21]) since they offer better compatibility to scaling,

however, for wireless applications they still rely on LC-based oscillators to meet stringent

phase noise and spur specifications [20]. We demonstrate that a very compact analog PLL

design, comparable in size to a digital PLL and compatible with WLAN requirements, can

be realized by the use of special design and layout techniques that allow the stacked inte-

gration of the PLL filter and the planar inductor of the on-chip voltage-controlled (VCO)

oscillator. The VCO design further accommodates the low voltage requirements of deeply

scaled CMOS.

3.6.1 Phase-locked Loop Design

Thanks to the technology scaling, most of the circuits in a PLL can benefit from the high

speed and small feature sizes, and the needed silicon area can be greatly reduced even with

higher integration level. However, there are a few exceptions that can not be easily down

scaled geometrically. In this section, solutions will be proposed to achieve area scaling for

some key high performance analog blocks.

The block diagram of the PLL synthesizer is shown in Fig. 3.7. The VCO oscillates
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Figure 3.7: Block diagram of the proposed fully-integrated analog PLL. The PLL locks a
VCO oscillating from 8 to 10 GHz to a 40 MHz reference clock. The third order passive
R-C loop filter is completely integrated with the PLL.

between 8 and 10 GHz and is locked to a 40-MHz external reference. Scaling to smaller

feature sizes allows the operation of the VCO and divider circuits at higher frequencies.

This not only allows the easy generation of LO signals for multiple bands, it further allows

the use of smaller on-chip planar inductors for the VCO to save area.

To generate a signal with high spectral purity for high performance communication

systems, an LC VCO is chosen for its superior phase noise performance compared to ring

oscillators in this prototype PLL. Therefore the penalty for the on-chip planar inductors

on the silicon area is inevitable. In [22], a methodology taking advantage of high speed

transistors in nanometer CMOS is proposed to down scale the sizes of LC oscillators while

keeping the performance the same.
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For an output frequency at 2.5 GHz, according to the analysis of the LC oscillator

scaling scheme with a constant FoM constraint proposed in section 3.3.2, a 2.5-GHz VCO

or a 10-GHz VCO followed by a divide-by-4 can either be used. The additional divide-

by-4 can be assumed to consume only negligible power for extremely scaled technologies.

These two VCOs need to be scaled with constant FoM which means for the same power in

VCO, same phase noise at 2.5 GHz can be achieved.

Fig. 3.8 shows the scaling of inductor sizes for a VCO at different oscillation frequen-

cies. In the left, it can be seen that the outer diameter scales linearly with the desired induc-

tance for different oscillation frequencies. In the right, the inductance is further mapped to

oscillation frequencies. In the aforementioned scenario, the size of the inductor used by the

2.5-GHz VCO is 16 times larger than the one used by the 10-GHz VCO. The results show

that the inductor size decreases significantly with increasing oscillation frequency. In this

prototype, the VCO is designed to oscillate at around 10 GHz, which is two times higher

than the highest desired frequency, and the inductor size is expected to be reduced by a

factor of 16 with the same performance.

The VCO signal is buffered and drives a fixed divide-by-2 in the loop which has an

output frequency between 4 and 5 GHz. The programmable divider divides the signal

further down to the reference frequency and feeds it back to the tri-state phase/frequency

detector (PFD). The input of an additional divide-by-2 can be connected to the VCO buffer

output or the fixed divide-by-2 in the loop and generates quadrature local oscillator output

signals between 4 and 5.2 GHz or between 2 and 2.6 GHz.
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Figure 3.8: The relationship among the inductance, the oscillation frequency, and the outer
diameter of an inductor. (The numbers are not the actual designed values in this work)
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The programmable divider is a truly modular design consisting of a cascade of six

divide-by-2/3 dividers [23]. The fixed divide-by-2 and the first four divide-by-2/3 dividers

in the programmable divider are implemented with custom pseudo-differential CMOS logic

cells using poly load resistors for higher speed and lower power performance. The last two

divide-by-2/3 stages in the programmable divider, as well as the PFD, are implemented

with standard CMOS logic gates. The PFD is a regular tri-state design with a lock detector.

The charge pump is implemented with source switched PMOS and NMOS current sources.

The size and performance of the digital blocks such as the dividers and the PFD scale

well with feature size and occupy only a small fraction of the overall area. The current de-

sign is an integer-N topology but the addition of a sigma-delta converter to convert the PLL

into a fractional-N synthesizer will only incur a negligible area and power increase. These

additional circuits similarly benefit significantly from transistor size scaling. We have fo-

cused our attention towards the scalability of the analog and RF blocks of the PLL. The

significant area of the passive on-chip loop filter components and of the VCO inductor, as

well as, the reduced supply voltage operation, have been identified as the major challenges

3.6.2 Voltage-controlled Oscillator Design

Deeply scaled transistors are more sensitive to reliability issues and can only operate under

progressively smaller supply voltages. In a 45-nm technology, the devices are designed for

a nominal supply voltage below 0.9 V for a GP technology and 1.1 V for an LP technology
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[24]. Device reliability and performance degradation often depends exponentially on the

applied gate voltage and over-voltage stress needs to be avoided to prevent degradation of

the device characteristics or noise performance [25].

The VCO phase noise performance typically improves for larger voltage swings across

the LC resonator (see e.g., [26]) and in many VCO topologies the gate voltage of the active

devices is allowed to go beyond the supply voltage. In this work in 45-nm LP CMOS, we

have used a top-biased VCO topology with an NMOS cross-coupled switching pair, shown

in Fig. 3.9. The VCO is operated from a 0.85-V supply and through proper sizing of the

NMOS switching pair and the biasing current, the common-mode level of the LC tank was

designed to be around 0.6 V, such that the transistors of the cross-coupled switching pair

are not over-stressed even when the tank operates with voltage limited swings (≈ 1.1 VPP).

The VCO uses differential switchable metal-oxide-metal (MOM) capacitors to provide dis-

crete sub-band switching across the entire frequency range, and the continuous tuning is

implemented with an NMOS inversion-mode varactor.

Technology scaling and faster transistor operation allows moving the VCO frequency

towards a higher frequency. This enables the use of smaller inductors and thus a reduction

of the circuit area. The quality factor of the inductive part of the impedance of an on-

chip planar inductor is typically comparable, or even better for higher frequency designs.

However, the quality factor of the capacitive part of the impedance, due to the capacitance

between the planar inductor and the substrate, degrades when moving to higher frequencies.

Therefore the use of a patterned ground shield [27] is desirable. In the next section we will
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Figure 3.9: The schematic of the 10-GHz top-biased VCO in the proposed PLL. The cross-
couple pair is sized so that the common-mode voltage level of the tank is around half the
supply voltage.
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demonstrate that the loop filter capacitors can be stacked under the inductor, thereby saving

area, while at the same time improving the LC tank quality factor.

3.7 Design and Layout of the Stacked Loop Filter-Resonator

Structure

As shown in the PLL block diagram of Fig. 3.7 the on-chip loop filter requires several

grounded capacitors that can be implemented with NMOS capacitors. Capacitor C2 in

series with resistor R2 is by far the largest component. MOM capacitors are not area-

efficient for such large value capacitance. In the 2nd order loop filter configuration, C2 does

not need to have a high quality factor since it is in series with resistor R2. We can thus use

MOS capacitors which offer a much higher capacitance density but with a limited quality

factor. We found that the reference spur performance of the PLL was limited by charge

pump mismatches or charge pump to VCO power supply cross talk, and was not affected

by the gate leakage of the loop filter MOS capacitors.

To save area it is desirable to lay out MOS capacitor C2 under the on-chip inductor

for the VCO. The layout and electrical equivalent model of the stacked MOS capacitor-

inductor are shown in Fig. 3.10. The NMOS inversion capacitor is sliced into L-shaped

stripes so that magnetically induced eddy currents can be avoided [27, 28]. The top plate

of the capacitor is formed by the poly gates of the NMOS transistors that are laid out as a
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Figure 3.10: [Left] (Simplified) Layout of the stacked NMOS-loop-filter capacitor and
VCO inductor and [Right] electrical equivalent model

patterned ground shield for the inductor. The bottom plate of the capacitor is the inversion

layer that is connected to the drain and source terminals, which are shorted to ground. The

source and drains of neighboring stripes are laid out separately and only connected at the

center of the capacitor so that no eddy currents can flow in the bottom plate.

Fig. 3.10 also shows an equivalent lumped model for the stacked MOS capacitor-

inductor structure. Traditionally a patterned ground shield is grounded; however, in this

work, a DC bias is applied to the gates of the NMOS capacitors by the PLL to maintain the

NMOS capacitor inverted. With different tuning voltages, the capacitance changes over a

range of ±50% due to varying inversion levels. Even though the patterned ground shield is

not shorted to ground anymore, it still improves the quality factor of the capacitive part of

the inductor, especially when the inductor is driven differentially. Under differential drive,

the differential capacitive currents through COX will return through the poly gate and avoid

the high losses in the substrate due to RSUB. Our VCO uses a differential topology, and

thus benefits from the presence of the NMOS capacitor poly gate shield. Fig.3.11 shows
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the results of an electro-magnetic simulation comparing the quality factor of an inductor

without components underneath (”no shield”), and with a stacked MOS capacitor with a

grounded gate (”grounded shield”) or with a floating gate (”floating shield”) when mea-

sured in a balanced or unbalanced configuration. We note indeed an improvement of the

balanced quality factor with a MOS capacitor underneath compared to a bare inductor. All

metal and poly wiring was included in the simulation. The source and drain N+ regions

were not included but can be neglected since their resistivity is much large than the metal

runners on top [28]. A simulation with the poly gates replaced by metal showed a negli-

gible change in the losses and the effect of the losses in the MOS channel is thus assumed

to be negligible. For balanced operation, the quality factor is expected to be enhanced by

10%.

Fig. 3.12 explain the operation of the proposed fully integrated PLL with the stacked

capacitor-inductor. The phase locked loop is first re-arranged as illustrated in the Fig. 3.12 (a)

by connecting C2 to the extra common-mode node. From the VCO’s point of view, since

the top plate of C2 is a virtually ground node for the differential mode oscillation signals,

the existence of C2 does not affect the substrate loss reduction provided by the short-circuit

shield. The oscillation signals at RF frequency bypass the lossy substrate through the short-

circuited shield, and the reduction of substrate loss improves the quality factor of the in-

ductor.

When the PLL is in lock as illustrated in Fig. 3.12 (b), the charge pump outputs a

periodic current pulse due to the reset delay and current mismatch. Except for the VCO
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Figure 3.11: Electromagnetic simulation results show that the stacked NMOS capacitor-
inductor achieves a better quality factor in both balanced and unbalanced stimulation no
matter the shield is grounded or not.
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tune node, the periodic pulses injected to the top plate of the MOS capacitor may couple

to the VCO through the COX as a common-mode noise resulting in common-mode-to-FM

converted reference spurs. However, COX is in the order of femto-Fara in the designed

inductor, the impedance of COX seen by the 40-MHz pulse is very high. Therefore, the

large voltage division ratio created by COX and C2 effectively prevents the pulses from

injecting into the VCO core. Moreover, due to the fact that the time constant of R2-C2 is

much larger than (about 100 times) the time constant of R3-C3, the ripple on the top plate

of C2 is much smaller than the ripple at the tuning node of the VCO. As a result, it can be

concluded that no significant additional spur will be generated by this stacked structure.

Through simulation, the sensitivity of noise injected to the top plate of MOS capacitor

is verified to be at least 20-dB lower than that at the VCO tune node. As a result, the

excessive reference spurs caused by pulses coupled from the MOS capacitor is negligible.

In sum, the high frequency oscillation signals and low frequency reference pulses cannot

trespass the shield connected to the top-plate of C2.

3.8 Experimental Results

Fig. 4.12 shows the chip photo as well as the original layout view. The fully integrated

analog PLL was implemented in a standard digital 45-nm CMOS with 1 poly and 7 metal

layers. Excluding the IO ring, the core measures 150 um by 280 um, which corresponds

to 0.042 mm2. The stacked-capacitor-inductor measures 150 um by 150 um and occupies
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(a)

(b)

Figure 3.12: (a) For balanced operation in a fully differential VCO, C2 does not degrade
the shielding for the electrical substrate loss; (b) The correction signals from the PFD/CP at
the reference frequency is filtered by the large capacitance of C2 and blocked by the small
oxide capacitance COX.
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53% of the total area. This area is expected to be doubled without the proposed area

reduction technique. More than 35% of silicon area reduction is achieved by the proposed

stacked capacitor-inductor.

For test setup, the chips were packaged in a 64-pin QFN package and mounted on a

PCB for testing. Due to package and board parasitics, a good output match for the output

buffer could only be attained for the 2.0 to 2.5 GHz band and measurements will only be

reported for that band.

The chip operates with a nominal 0.85-V supply and the VCO consumes 5 mA, the

synthesizer 13 mA and the I/Q gneration divide-by-2 and the output buffer 3 mA. Fig. 3.14

shows the output spectrum of the PLL after divide-by-4 at 2.14 GHz. The reference spuri-

ous level is -52 dBc, which is from the crosstalk of the PFD and the VCO through shared

bond pad. Fig. 3.15 shows the measured close-in phase noise spectrum of the PLL when

it is tuned to 2.4 GHz. The in-band phase noise achieves -80 dBc/Hz. The phase noise at

1-MHz offset is -120 dBc/Hz.

Fig. 4.16 shows the measured phase noise at various offset frequencies when the carrier

is swept across the synthesizable range. A phase noise better than -120 dBc/Hz at a 1-MHz

offset frequency is maintained across a range from 2.0 GHz to 2.6 GHz. The corresponding

figure of merit for the VCO at the center of the band is 182 dBc/Hz. The 40-MHz reference

spurs were at -52 dBc.

The PLL has a bandwidth of about 100 kHz. The RMS integrated phase error from

1-kHz to 10-MHz offsets is 2.16 deg. Some noise peaking is observed at the PLL filter cut-



128

Figure 3.13: Composite layout plot and die photo of the fully integrated PLL in 45-nm
CMOS. The proposed stacked capacitor-inductor effectively reduce the active area by more
than 35%.
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off frequency. This peaking is most likely due to deviations in the loop filter component

values. The PLL had also a few small gaps in the output frequency range coverage due

to variations in the MOS varactor and MOM capacitor values in the VCO. This chip was

designed with a preliminary version of the device models and the design kit and so that

deviations between the designed performance and obtained results is to be expected. These

issues can easily be addressed in a redesign.

The power consumption and noise performance of this PLL compares favorably to the

state of the art in deeply scaled CMOS processes; it offers about 10 dB better phase noise

performance with a less than three times power consumption increase compared to [23].

The low voltage, high speed 10 GHz VCO achieves an FOM of 182 dBc/Hz at 0.85 V

compared to 177 dBc/Hz for a 1.1-V 10-GHz DCO in [29] and 176 dB/Hz for a 0.5-V 2.4-

GHz VCO in [23]. The presented 45-nm analog PLL is very small (280 um by 150 um);

interesting to note is that the size of the presented PLL is comparable to the 200 um by

150 um size of a fully digital 65-nm PLL of [21] or the 220 um by 112 um size of the

65-nm DCO in [29]. The performance of the fully-integrated analog PLL with a stacked

capacitor-inductor is summarized in Table 3.4. Fig. 3.17) further illustrates the comparison

among several published designs, which were implemented in nano-scale CMOS.
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Figure 3.14: At 2.14-GHz output frequency, the reference spurious level is -52 dBc. The
high reference spurious level is due to the crosstalk between the PFD and the VCO through
the shared bond pad.
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Figure 3.15: At 2.4 GHz, the measured close-in phase noise has a in-band noise floor of
around -80 dBc/Hz. The phase noise at 1-MHz offset achieves about -120 dBc/Hz.
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Figure 3.16: Across the synthesizable range from 2 GHz to 2.5 GHz, the phase noise at
1-MHz offset varies from -122 dBc/Hz to -120 dBc/Hz.



133

Figure 3.17: Comparison among the proposed implementation and several published de-
signs in nano-scale CMOS.
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Table 3.4: Performance Summary
Oscillation Frequency [GHz] 8-10

Output Range [GHz] 4.0-5.0 (5-GHz band)
2.0-2.5 (2.4-GHz band)

Phase Noise at 2300MHz [dBc/Hz]
@100 kHz -90

@1 MHz -121
@3 MHz -129

@10 MHz -137
Reference Spur -52

Integrated Phase Error [deg] 1 kHz - 10 MHz 2.16
VCO 4.25 mW (5 mA)

Synthesizer 11.05 mW (13 mA)
I/Q Generation 2.55 mW (3 mA)

VCO FoM [dBc/Hz] 182
Chip Area (with on-chip loop filter) 150 um x 280 um

Technology 1P7M 45-nm CMOS

3.9 Conclusions

In this chapter, design techniques for oscillator scaling are first proposed to take advantage

of the high fT available in extremely scaled CMOS technologies. The proposed oscillator

scaling method uses oscillators at higher frequencies and dividers to divide down the fre-

quencies back to the desired values. By using uniform scaling, the inductor can be scaled

to have N times smaller inductance, 1/N2 of its original area, but the same series resis-

tance. With the tank capacitor made N times smaller, the resulting LC tank has a resonance

frequency that is N times higher than the original value. By using this scaled LC tank, the

oscillator can operate at N times higher frequency, providing the same oscillation swing,
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with the same amount of biasing current. The proposed scaling design techniques keep the

oscillator FoM constant so that the phase noise of the output signal divided by N remains

constant for a fixed power consumption but an N2 area reduction. Oscillators designed us-

ing this scaling method were simulated in a 45-nm CMOS technology and confirmed the

expected scaling. The power penalty of the frequency dividers was verified to be negligible.

We presented an ultra-compact fully integrated PLL, which adopts the constant FoM

scaling for LC oscillators. This PLL is designed and implemented in an advanced 45-nm

LP CMOS technology, which provides superior speed that enables the proposed scaling

scheme. The LC-VCO operates at four times (8 to 10 GHz) the output frequency (2 to

2.5 GHz) to enable scaling of the VCO inductor size and enable quadrature output gen-

eration with dividers. The VCO topology is further optimized to avoid gate oxide stress

in the active VCO devices. The PLL operates from a low 0.85-V supply and offers low

noise and lower power operation. To further achieve a ultra compact size, a stacked loop

filter-inductor structure is proposed for a significant area reduction while offering a better

resonator quality thanks to the shielding of the substrate electric losses. With a particular

arrangement of the third-order passive R-C loop filter, no additional spur is caused by the

stacked filter-inductor.
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Chapter 4

Coverage Expansion of Frequency

Synthesis for Advanced Applications

4.1 Introduction

Single carrier-based wireless applications operate in a relatively narrow frequency range,

i.e. the bandwidth is typically less than 1 to 10 % of the carrier frequency as e.g., in

GSM [1], DECT [2], Bleutooth [3], and wireless LANs (802.11) [4, 5]. System-on-a-chip

(SoC) transceiver solutions for such applications can rely on a single phase-locked-loop

(PLL) based synthesizer for the generation of the required local oscillator (LO) signals for

reception and transmission.

However, for other applications, like test equipment, wireless infrastructure equipment,

and software-defined radio transceivers, the LO signal sources need to cover a very wide
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range of output frequencies while meeting stringent noise performance requirements. Tra-

ditionally, these systems have been using a set of modules and relatively complicated mul-

tiplexing functions to achieve the wide output frequency range; the resulting implementa-

tions have volumes usually in the order of cubic feet, weigh kilograms, and consume tens

of watts of power (see e.g. [6]).

Thanks to the device performance and integration density provided by advanced SiGe

BiCMOS technologies, the functions and performance that in the past could only be only

achieved with bulky modules, can now be integrated onto a single silicon die. In this work,

we demonstrate a single-chip signal source with an output frequency range from 125 MHz

to 32 GHz that measures 4.4 mm2 and consumes less than 500 mW. The output range

of a core 4-to-8-GHz fractional-N frequency synthesizer is extended with post synthesis

frequency multiplication and division.

The single-chip signal source is designed to generate carrier frequencies from a few

hundred MHz up to 32 GHz. The output phase noise requirements are compatible with

meeting many major wireless and mobile applications below 10 GHz, such as GSM, DCS,

WiFi, Bluetooth, and Zigbee.

This chapter is organized as follows. In the next section, the architecture development

and design trade-offs of the single-chip signal source is discussed. In section 4.3, the de-

sign of the building blocks of the core synthesizer with an octave-wide operating frequency

range is discussed. Section 4.4 focuses the design of the post-synthesis blocks for fre-
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quency division and multiplication. In section 4.5, our experimental results are presented

and discussed. Finally, conclusions are presented in section 4.6.

4.2 Wideband Single-Chip Signal-Source Architecture

The goal of this study is to create a single-chip signal source that can operate from 125 MHz

to 32 GHz and that is compatible with the majority of commercial wireless standards below

10 GHz in terms of phase noise requirements for LO signals in receivers1.

4.2.1 Brief Review of Architecture Alternatives

None of the available electronic oscillator solutions offer a high purity signal and a wide

tuneability at the same time. To overcome this trade-off for wideband signal generation

applications, a number of different architectures have been proposed (see e.g. [7]). Fre-

quency addition or subtraction requires the use of mixers and always results in undesired

spurious output products. The output filters needed to eliminate these spurs for wideband

and high performance applications are very hard to realize and cannot be integrated on

a chip. Therefore, solutions like direct analog synthesis are not practical for integrated

solutions.

Direct Digital (Frequency) Synthesis (DDS or DDFS) offers very flexible and highly

programmable waveform generation capabilities. It only requires one fixed frequency refer-

1Unlike the LO in receivers, the LO for transmission depends a lot on the entire transceiver design,
especially when the power amplifier is taken into account.
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ence clock. Its spectral performance is however strongly limited by the presence of numer-

ous spurs as well as broadband quantization noise due the finite resolution of the required

digital-to-analog converter [8].

Indirect synthesis using phase lock has been proven to be a very successful approach

for low noise and jitter signal generation with low output spurious tones. It is further very

well suited for integrated circuit implementation since it only requires a limited number of

analog components such as a VCO and (off-chip) a loop filter. Analog loop filters can even

be eliminated using all-digital PLLs (see e.g. [9]), however, for the intended applications

all-digital PLLs cannot offer sufficiently low noise operation in the targeted process tech-

nology. PLL solutions however also have an intrinsic trade-off between high performance

and wide tunability, since they require a VCO with the same tuning range as the desired

output range.

A combination of single-sideband mixing and PLL-based synthesizer has been pro-

posed to generate the carrier for multiple applications with different allocated frequency

bands [10]. This approach is typically popular for integrated RF systems for multi-standards

where each operation band is narrow but the entire frequency allocation spreads over a wide

range. However, in test equipments or software-defined radios, the synthesized frequency

needs to cover a continuous and ultra wide bandwidth without any dead bands. Therefore,

a more suitable synthesis scheme is needed to meet the requirement of the continuous and

wideband coverage.
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4.2.2 Wideband Signal-Source Architecture Using a Core Fractional-

N PLL with Post Synthesis Frequency Division and Multiplica-

tion

To achieve a very wideband and continuous frequency coverage with a fine resolution,

as well as low spurious content and low noise, an architecture composed of a core wide-

band fractional-N frequency synthesizer with additional post-synthesis has been selected

(Fig. 4.1). The fractional-N PLL architecture [11] provides a very fine tuning resolution

while allowing the use of a relatively high frequency reference clock. This reduces the

divider factor N in the PLL which helps to reduce the in-band PLL noise and jitter. In [12],

a digital-intensive fractional-N PLL is used as the core synthesizer which generates the

octave-wide coverage2.

The post-synthesis block uses frequency division by a factor of two or its powers, such

as 2, 4, and 8, to extend the frequency coverage below the range of the core PLL. This fre-

quency division can easily be implemented using a cascade of flip-flops with self-feedback

and more importantly, offers output signals with a 50% duty cycle. Using various forms

for digital counters, more elaborated frequency division schemes could be envisioned but

they often offer non-50% duty cycle outputs or no significant benefit over the cascade of

divide-by-two stages. In DTV applications [13, 14], using dividers to extend the frequency

to cover very low frequency channels has been demonstrated.

2When this work was done, this publication has neither been disclosed or available in public domain
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Figure 4.1: The architecture of the 125-MHz to 32-GHz single-chip signal source. The
core fractional-N frequency synthesizer uses multiple VCOs and provide a wideband output
a frequency range from 4 to 8 GHz. The post-synthesis uses a doubler and a quadrupler to
extend the coverage to 8 to 16 GHz and 16 to 32 GHz, respectively. A cascade of divide-
by-two circuits is further used to cover frequencies from 4 GHz down to 125 MHz.

Frequency doubling with relatively low spurs and limited filtering requirements can be

implemented efficiently on-chip using self-mixing. A cascade of two frequency doublers

is used in the post synthesis block to extend the frequency range beyond the range of the

core PLL.

Given the programmability of the post-synthesis frequency-division or multiplication

factor in powers of two, the core PLL needs to cover a (1:2) frequency range, i.e. an octave

from 4 GHz to 8 GHz, so that a continuous output frequency coverage can be guaranteed

after the post-synthesis. This requirement corresponds to a±35% of effective tuning range

with respect to the center frequency of the PLL.

Fig. 4.2 shows the block diagram of the presented implementation of a 125-MHz to

32-GHz single-chip signal source. The core delta-sigma fractional-N PLL has a frequency
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coverage from 4 to 8 GHz. As discussed below, the bank of four LC-VCOs was used to

implement the (1:2) tunable oscillator function required for the PLL. One LC-VCO in the

VCO bank is enabled and selected by a multiplexing amplifier according to the desired

frequency output. The PLL then tunes the VCO through the tune line which is shared

by all the VCO’s. The multiplexing amplifier drives the doubler and the quadrupler to

generate the output frequencies from 8 to 16 GHz, and from 16 to 32 GHz, respectively. For

frequencies between 4 GHz and 125 MHz, a programmable output divider with a modulus

of 2N , N=0,1..5 is used to divide down the frequency of the PLL output signal. Through the

use of 24-bit delta-sigma modulation in the core synthesizer, a frequency resolution better

than 10 Hz can be obtained over the entire frequency range.

4.2.3 Wideband Signal Source Target Specifications

Receiver LO phase noise and spur requirements stem from the need to have sufficient

signal-to-noise (SNR) after downconversion in the presence of large unwanted blocking

signals and reciprocal mixing. The maximum allowable phase noise, LMAX, or spurious

power, SpurMAX, can be derived from the required SNR, the channel bandwidth, BW, the

ratio between the power levels of the wanted, Psignal, and unwanted signals, Pinterference, and
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Figure 4.2: The block diagram of the 125-MHz to 32-GHz single-chip signal source. It
uses a charge-pump PLL as the core fractional-N synthesizer, and a 24-bit digital delta-
sigma modulator modulates the programmable feedback divider to achieve fine frequency
resolution. The post-synthesis section selects the desired signals from the frequency multi-
pliers and dividers and interfaces the core synthesizer and the output buffers.
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their frequency difference ∆fdiff:

LMAX(∆fdiff) =
Psignal

Pinterference
· 1

SNR ·BW
(4.1)

SpurMAX(∆fdiff) =
Psignal

Pinterference
· 1

SNR
(4.2)

Table 4.1 summarizes the required phase noise performance of LO signals for the targeted

sub-10-GHz applications in this work. The frequency planning is illustrated in Fig. 4.3,

which shows how each VCO is allocated to cover the operating bandwidth of the different

applications that have been considered below 10 GHz. The single-sideband relative phase

noise, LSYN(∆f), at an offset frequency ∆f for the core fractional-N synthesizer operating

at a frequency fSYN can be derived from the phase noise requirement LSPEC(∆f) of the

desired LO at frequency fSPEC given in Table 4.1 as follows:

LSYN(∆f) = LSPEC(∆f) ·
(

fSYN

fSPEC

)2

= LSPEC(∆f) ·K2 (4.3)

where K is the division or multiplication ratio in the post-synthesis blocks.

4.2.4 Wideband Signal Source Performance Across its Output Range

The phase of a periodic signal is the time integral of its instantaneous frequency. Frequency

division and multiplication are equivalent to an attenuation and amplification of the phase.

The post-synthesis operations thus scale the close-in phase noise spectrum of the core syn-
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Table 4.1: Specification of the targeted applications.

Figure 4.3: The single-chip signal source uses a core fractional-N synthesizer with four
VCOs to cover 4 to 8 GHz. Except for the IEEE 802.11a application, the carrier generation
for applications below 10 GHz is achieved through an additional divide by 2, 4, or 8. Note
that this figure does not list the detailed frequency information of each application.
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thesizer signal, and the integrated phase error (Φerror) is also scaled accordingly assuming

the close-in phase noise is dominant. Because both the phase error and the output period

(Tcyc) scale linearly with the division or the multiplication ratio, the post-synthesis opera-

tions maintain the output cycle jitter (σT = Tcyc
Φerror

2π
) equal to the timing jitter of the core

synthesizer output, assuming the noise added by the dividers or multiplier is negligible.

To obtain a consistent phase noise performance at the octave boundaries in the output

frequency range, it is desirable that the phase noise of the core synthesizer signal scales

quadratically with the center frequency. For example, to generate outputs just below 4 GHz,

the core synthesizer signal just below 8 GHz will be divided by two, and its phase noise

reduced by a factor of 4; to have a consistent performance around 4 GHz, it is needed that

the 8 GHz core synthesizer signal thus has 4 times the phase noise power compared to the

4 GHz core synthesizer signal.

Such scaling in the core synthesizer phase noise performance will also result in a con-

stant synthesizer output cycle jitter across its output range. Given that the post-synthesis

maintains the output cycle jitter, this results in a constant output cycle jitter across the whole

output range.

To determine the scaling of the PLL noise performance with frequency, a linear PLL

phase domain model can be used [7]. The output phase noise spectrum of the PLL,

LSYN(∆f), at an offset frequency ∆f from the output frequency fOUT, depends mainly on

the phase noise contributions of the phase frequency detector (PFD), LREF(∆f), and of the
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Figure 4.4: The phase noise contribution from the PFD LPFD scales quadratically with the
division ratio N as well as the output RF frequency (N · fREF). If the VCO phase noise LVCO
also scales with the square of the oscillating frequency (fOUT = N · fREF), a constant loop
bandwidth, fPLL, can keep the shape of the output phase noise profile constant. The overall
phase noise of the synthesizer LSYN will scale linearly with f2

OUT, which then results in a
constant cycle jitter performance.
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VCO, LVCO(∆f), and on the loop gain L(s) of the PLL [15]:

LSYN(∆f) =

(
fOUT

fREF

)2 ∣∣∣∣ L(j2π∆f)
1+L(j2π∆f)

∣∣∣∣2 ·LREF(∆f)+
∣∣∣∣ 1
1+L(j2π∆f)

∣∣∣∣2 ·LVCO(∆f) (4.4)

The phase noise spectral profile at offset frequencies below the PLL bandwidth is domi-

nated by the phase noise resulting from the jitter in the PFD, which goes through a low-pass

noise transfer function (NTF). As indicated in (4.4), the phase noise contributed by the PFD

scales quadratically with the ratio between the output and the fixed PFD comparison fre-

quencies; therefore the quadratic scaling trend with output frequency is indeed satisfied.

The phase noise spectral profile at offset frequencies above the PLL bandwidth is is domi-

nated by the phase noise originating from the VCO, which goes through a high-pass NTF

in the loop. If the VCO phase noise scales quadratically with the frequency as well, and if

a constant loop bandwidth is maintained in the PLL, the shape of the overall phase noise

spectral profile will remain unchanged and its level will scale with the square of the output

frequency as illustrated in Fig. 4.4.

In summary, to obtain a consistent noise and jitter performance of the signal source

across its entire output range, the design requirements are that the phase noise performance

of the VCOs in the core synthesizer scales with the square of their output frequency and

that the PLL bandwidth is maintained constant across all operating frequencies.
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4.3 Octave-Wide Fractional-N PLL Design

4.3.1 Bank of Voltage Controlled Oscillators

Bank Design: In this work we target not only wideband frequency operation and consistent

jitter and phase noise performance but also low noise operation as outlined in section 4.2.3.

Ring oscillators are suitable for wideband frequency synthesis but offer limited signal pu-

rity [16]. VCOs with high quality LC tanks are preferred because of their superior phase

noise performance, however, the tunability of an LC-VCO is very limited. Additionally,

to have a nearly constant VCO performance over a wide frequency range, only a limited

change in the quality factor is desirable [17]. Indeed, to the first order, a constant quality

factor will keep the VCO figure-of-merit (FoM) [18] constant across the frequency tuning

range; then, the phase noise of the VCO will indeed scale quadratically with the oscillation

frequency when maintaining a fixed power consumption.

If a single VCO is tuned over a very wide frequency range, the quality factor of the LC

tank can vary significantly due to the considerable change in the capacitance. If an octave-

wide tuning range (2f0 to f0) is needed, the ratio between the maximum and the minimum

quality factor can be as large as two. Moreover, the quality factor of a varactor at higher

frequencies is usually limited due to its channel resistance and ohmic contact to the channel

in most of available technologies. If a large varactor is used, the tank impedance is reduced

and the quality factor of the tank will be degraded. Additionally changes in quality factor

and tank characteristic impedance can cause the LC-VCOs to move into different operation
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modes, e.g. from the current-limited regime to the voltage-limited regime, making a reli-

able noise performance scaling with output frequency difficult to achieve as demonstrated

below. Adaptive biasing schemes have been proposed to overcome some of these issues in

widely tunable, single tank VCOs [19]. It requires the addition of amplitude control loop

with possible area or noise overhead, and it results in significant power consumption vari-

ations across the output range. Additionally, in the presented results the phase noise scaled

cubically (9-dB/octave) with the oscillating frequency, which is not appropriate for this

single-chip signal-source application where the VCO phase noise needs to be proportional

to the square of the oscillation frequency.

Using multiple LC-VCOs with narrower tuning ranges can overcome these limitations.

Assuming, VCOs with equal relative tuning ranges, the relationship between the number of

VCOs, M, and the corresponding tuning ranges and variable capacitance can be formulated

as:

∆freq = 2 · 2
1
M −1

2
1
M +1

≈ ln2
M

=
69%
M

(
when M is large

)
(4.5)

∆C = 2 · 4
1
M −1

4
1
M +1

≈ 2 · ln2
M

=
138%

M
(

when M is large
)

(4.6)

where ∆freq = (fMAX− fMIN)/f0 and ∆C = (CMAX−CMIN)/C0 denote the minimum re-

quirement for the relative frequency and capacitance tuning ranges of each VCO. Fig. 4.5
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summarizes the variation of the quality factor as well as the tuning range of the capacitor in

the LC tank. The solid line marked with circles is the change of capacitance when a single

4-to-8-GHz LC-VCO is tuned at different frequencies. When a higher oscillation frequency

is needed, the capacitance needs to be smaller. The four dashed lines marked with circles

are the change of capacitance when four LC-VCOs are used. The solid line marked with

squares is the variation of the quality factor. If only one VCO is used to cover the entire

4-to-8-GHz tuning range, about ±60% of capacitance change is required, and the quality

factor changes more than ±30%, which can be translated into a maximum FoM variation

of 5.4 dB. When four LC-VCOs are used, the tuning range of the capacitor is only ±20%.

The variation of quality factor is within±10%, and an FoM variation of 1.7 dB is expected.

Note that usually the quality factor of inductors increases as the operation frequency goes

high. In this work, we carefully select the four inductors so that their quality factors are

similar when each of them operates at its dedicated band.

According to (4.5), only ±8.6% of tuning range is needed when four VCO’s are used.

In the proposed architecture, the core synthesizer adopts a bank of four VCO’s to obtain an

octave of frequency tuning. Still 20% of tuning range was provided in each VCO to guar-

antee a sufficient overlap between adjacent sub-bands covered by different VCOs across

process, voltage and temperature (PVT) variations.

We now derive the required circuit parameters for the M LC tanks; for the ith LC tank,

Li is the inductance and C0,i is the mid value of the capacitance with i : 1 . . .M. The re-

lationship among the lower bound of the whole operating frequency, fMIN (=1
2 fMAX), and
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Figure 4.5: The variation of the quality factor and the required tuning range of the capacitor
in the LC tank. Implementations with one VCO and with four VCOs are compared. The
tuning range of the capacitance is reduced from ±60% to ±20% an the variation in the
quality factor decreases from ±30% to ±10% when four VCOs are used.
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the required values of the first LC tank (i=1) covering the lowest frequency band is:

fMIN =
1

2π

√
L1C0,1

(
1+ 1

2∆C
) (4.7)

We choose a constant characteristic impedance (Z0 =
√

Li/C0,i) for all the tanks to have a

consistent performance. Li and C0,i for M LC tanks can now be solved as:

C0,1 =
1

2πfMIN ·Z0
·
√

1
1+ 1

2∆C
(4.8)

C0,i = C0,1 ·

(
1− 1

2∆C

1+ 1
2∆C

) i−1
2

(4.9)

Li = Z2
0 ·C0,i (4.10)

By using (4.6), (4.8), (4.9) and (4.10), the inductances and capacitances of the M tanks can

be obtained. In the presented implementation, M=4, fMIN=4 GHz, and Z0 is chosen to be

46 Ω. ∆C is 34.3% according to (4.6), and, based on (4.8), C0,1 can first be computed to be

799 fF. The rest of C0,i and Li can be further obtained by using (4.9) and (4.10).

VCO Noise Performance: We use a current-biased differential CMOS LC oscillator

model as a starting point to investigate the phase noise performance of the LC-VCOs ver-

sus oscillation frequency. The differential tank voltage amplitude V0 of an LC oscillator

operating in the current-limited regime is proportional to the product of the basing current
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IB and the impedance of the tank at resonance RP:

V0 =
2
π
·RPIB (4.11)

RP depends on the tank characteristic impedance (Z0 =
√

L/C) and the quality factor, Q.

In the oscillators designed here with on-chip tanks using spiral inductors, the tank quality is

largely set by the quality of the inductor. That in turn is mostly determined by the parasitic

series resistance rs of the inductor wiring:

RP = Z0Q =
L

rsC
= rsQ2 (4.12)

Based on the analysis in [20], the relative single-sideband phase noise3 LVCO(∆f) at an

offset frequency ∆f from the carrier frequency f0 the LC oscillator can be expressed as:

LVCO(∆f) =
kT
V2

0
· RP

Q2

(
f0

∆f

)2(
1+ γ+

γ

4
·gmtailRP

)
(4.13)

where k is the Boltzmann constant, T is the absolute temperature, γ is the noise factor of the

NMOS transistors, and gmtail is the transconductance of the tail current source. Substituting

gmtail = 2IB/VOD,tail, with VOD,tail the overdrive voltage of the tail current transistor, we

3The effect of flicker noise has been considered negligible here.
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obtain:

LVCO(∆f) =
kT
V2

0
· RP

Q2

(
f0

∆f

)2(
1+ γ+

γ

4
· πV0

VOD,tail

)
(4.14)

Now combining (4.11), (4.12), and (4.13), results in:

LVCO(∆f) =
π2kT

4
· rs

(
rsC
IBL

)2( f0

∆f

)2
(

1+ γ+
γ

4
· 2

VOD,tail
·
(

rsC
IBL

)−1
)

(4.15)

As we change the frequency of oscillation f0 by changing C as in C = 1/(2πf0
√

L)2, while

rs, L, and IB remain constant, we note that the phase noise in (4.15) varies substantially

different from the desired quadratic change with f0.

However, in many cases, a larger swing V0 is desired for better phase noise performance

and the tail current IB of the VCO is often increased until the single-ended tank amplitude

gets close to VDD. At that point, the tail current transistor enters triode region when the

tank voltage reaches its peak. This results in a self-limiting mechanism where the effective

current flowing into the tank reduces and the linear relationship (4.11) between V0 and

IB saturates; the VCO then operates in the voltage-limited regime. Now the conversion

gain for the tail current noise also saturates and noise from the tail current transistor does

not completely flow into the tank because the output impedance is lowered so that the

noise current is bypassed. The phase noise of a current-biased differential CMOS LC-VCO



162

operating in the voltage-limited regime can be expressed as:

LVCO(∆f) =
kT
V′20
· rs

(
f0

∆f

)2(
1+ γ+

γ

4
·gmtailRPη

)
(4.16)

where η is the conversion gain reduction factor caused by the voltage-limited operation, and

V′0 is the saturated tank voltage amplitude. The factor RP/Q2 from (4.13) is substituted by

rs for convenience because RP and Q are not constant in a wideband VCO design as C

changes. When we operate in the weak voltage-limited regime, that is, the current bias

is just sufficient to make the amplitude about the supply voltage, simulations showed that

η can be as small as 0.02. The last term in (4.16) γ

4 ·η ·gmtailRP can be approximated as

γ

4 ·η ·
πVDD

VOD,tail
, which is clearly smaller than the other terms in all practical cases. As a result,

we conclude that in the weak voltage-limited regime, the phase noise of the LC-VCOs

will indeed scale quadratically with the output frequency. Weak-voltage-limited-regime

operation further offers better isolation from the supply voltage disturbances and a better

oscillator supply pushing figure by maintaining the current source largely out of the linear

region.

VCO Circuit Details: The four differential CMOS LC-VCOs in the fractional-N fre-

quency synthesizer use a tail-biased topology with LC resonators as depicted in the left

of Fig. 4.6. Biased by an NMOS tail current source of 15 mA, the NMOS cross-coupled

drives the differential terminals of the LC tank whose center-tapped node is connected to

the voltage supply. The VCOs operate from a 1.9V supply to leave headroom for an op-
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Figure 4.6: The schematic of the LC-VCOs, current domain multiplexers, and buffers.
The ”sel” signal turns on only one out of four LC-VCOs in the VCO bank, its CMOS
buffer (MP3,4 and MN5,6) and the subsequent transconductance stage (Q1 and Q2,) that
interface the CMOS circuits to the bipolar CML circuits. The differential current outputs
are combined into an open-loop TIA (Q3-Q8). The bandwidth at the input and output of
the TIA is extended with active inductors (Q3,4 and Q7,8).

tional wideband regulator from 3.45V. The VCOs are biased with a constant current and

operates in the weak voltage-limited regime where a differential tank amplitude of 3.4 V is

achieved. All of the four wideband LC-VCOs achieve a stable FoM of 180 dBc/Hz within

±1 dB variation.

The inductance and the mid-value capacitance of all four LC-VCOs are designed based

on (4.8), (4.9), and (4.10). C0,1, C0,2, C0,3, and C0,4 are 799 fF, 672 fF, 564 fF, 474 fF,

respectively. L0,1, L0,2, L0,3, and L0,4 equal 1.69 nH, 1.42 nH, 1.20 nH, and 1.00 nH,

respectively. The resulting set of Li and C0,i satisfies both the requirements for the octave-

wide frequency coverage and the percentage tuning range of capacitance defined in (4.6).

Note that the required 34.3% capacitance tuning range according to (4.6) is marginal for

four LC-VCOs to cover an octave-wide frequency range. This particular implementation
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uses a capacitance tuning range of 40%, which roughly corresponds to a frequency tuning

range of 20% for each LC-VCO to guarantee a sufficient overlap between adjacent sub-

bands.

If only continuous frequency tuning as wide as 20% would be used, the tuning gain

would need to be very high (in the order of GHz per Volt). The PLL then becomes very

sensitive to the noise appearing at its tuning node, such as the thermal noise from the loop

filter.

A combination of coarse-discrete and fine-continuous tuning has been used to achieve

wide band operation and lower phase noise at the same time. There are two different types

of capacitors used in the VCO. Metal-insulator-metal capacitors (MIMCAP) with series

switches are used to achieve large frequency steps. Their smaller parasitic junction ca-

pacitance results in a lower supply-pushing figure and less AM-to-FM conversion. Fine

frequency steps are made with a bank of switched varactors which can be made small and

compact. The minimum discrete frequency is less than 2% of each VCO’s entire frequency

tuning range. The varactors for analog, continuous tuning are composed of four unit varac-

tor cells identical to the varactor units in the fine frequency tuning bank; thus, the range of

the tuning voltage can be constrained within a fraction of supply voltage (600 mV out of

1.9 V) while the minimum discrete frequency step is still fully covered by the continuous

tuning. These capacitors and varactors are carefully designed so that the resulting tuning

curves have sufficient overlap for correct operation over PVT variations. In this prototype
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chip, the selection of the VCOs and the configuration of the capacitors are done by a digital

frequency-locked loop described below.

Digital VCO Frequency Centering: The configuration of the programmable capac-

itors in the VCOs is done by a digital frequency-locked loop. A digital counter counts

the number of VCO cycles within a known period of time that is derived from the refer-

ence clock. The counter values are stored and compared to a reference value to determine

whether the oscillating frequency is too low or too high. The search starts at highest os-

cillating frequency at which all the capacitors are switched off. A linear search is used so

that the capacitors are turned on one by one until the measured frequency is lower than the

desired value. Within the first two coarse tuning capacitor banks, once the search finds the

first capacitor setting that makes the frequency lower than the target, the capacitor setting is

set back to the previous one. Then, the starting frequency of the search in the next bank is

always higher than the desired value. The search algorithm has been implemented off-chip

for flexibility while the high speed frequency counters are on-chip.

4.3.2 PLL Bandwidth Optimization

For a PLL, its loop parameters strongly affect the loop stability, settling dynamics, and

the noise performance. In a very wideband PLL-based frequency synthesizer whose loop

parameters can change considerably when the wideband VCO is tuned to different frequen-

cies, achieving low phase noise and a stable loop response is challenging but required. In
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this section, we will present the design of the loop parameters which maintain the same

response as well as a minimal and constant RSM cycle jitter across the entire octave-wide

frequency coverage.

Because the four LC-VCOs are deliberately designed so that the phase noise scales

linearly with the square of the output frequency across the octave-wide frequency range,

and because a fixed reference frequency is used, the in-band and out-of-band phase noise

contributed by the PFD and the VCO phase noise both scale quadratically with the output

frequency in a PLL-based synthesizer. With the building block design criteria outlined in

section 4.2.4, the noise contributions will all scale appropriately to maintain a constant out-

put absolute jitter across the output frequency range, as long as we can maintain a constant

loop bandwidth.

The loop bandwidth has been chosen to achieve the minimum jitter, i.e. the minimum

integrated phase noise at a particular output frequency. In [15], the minimum jitter condi-

tion was derived as occurring when LREF(∆f) and LVCO(∆f) in (4.4) have equal contribu-

tion, and the optimal 3-dB frequency4 fc,opt is around the frequency where LREF(∆fc,opt)

equals LVCO(∆fc,opt). In this design, the optimal loop bandwidth is close to 100 kHz. The

simulated phase noise and the contribution of major noise sources are plotted in Fig. 4.7.

Because the modulus of the divider must be set to different values for a PLL with a
4The optimal 3-dB frequency fc,opt in [15] is derived assuming that VCO phase noise profile scales as

1/∆f2. However, in many CMOS LC-VCOs, the 1/∆f3 phase noise corner frequency can be as high as a few
hundreds of kHz to a few MHz. Additionally, the quantization noise from the fractional-N operation was not
accounted for. Taking these noise effects into account, the optimal PLL bandwidth often has to be reduced to
obtain minimum jitter.
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Figure 4.7: The breakdown of the simulated phase noise at 6 GHz.
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fixed reference frequency to output different frequencies, the circuit parameters of the PLL

also have to change accordingly to keep the same loop response. The PLL bandwidth with

respect to the circuit parameters of the PLL building blocks can be derived using a linear

phase domain charge pump PLL model, where the loop gain L(s) in (4.4) can be written as:

L(s) =
ICP

2π
· Z(s)

s
· 1

N
·KVCO,i (4.17)

where ICP, Z(s), N, and KVCO,i are the charge pump current, loop filter impedance, the

division modulus of the feedback programmable divider, and the tuning gain of the ith

VCO, respectively. The PLL bandwidth, fPLL in Fig. 4.4, is the solution of L(j2πfPLL) = 1.

When four widely tunable LC-VCOs are used, the VCO tuning gain, KVCO,i, will change

across the output frequency range. Assuming the ith LC-VCO with programmable switched

tank capacitors Ck,i and an analog tank varactor CV,i(V), the KVCO,i can be obtained by

differentiating the oscillation frequency, fOSC, with respect to the varactor tuning voltage,

VTUNE:

fOSC =
1

2π
· 1√

Li
(
Ck,i +CV,i(VTUNE)

) (4.18)

KVCO,i = − fOSC

2(Ck,i +CV,i(VTUNE))
·

dCV,i

dV

∣∣
V=VTUNE

(4.19)

≈ − fOSC

2Ck,i
·

dCV,i

dV

∣∣
V=VTUNE

(
if Ck,i� CV,i(VTUNE)

)
(4.20)

≈ −fOSC

2Ck
· dCV

dV

∣∣
V=VTUNE

(
if

CV,i(VTUNE)

Ck,i
=

CV(VTUNE)

Ck
for all i

)
(4.21)
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Given that a relatively small varactor is used compared to the discretely programmable

tuning capacitor Ck,i to make the PLL less sensitive to the noise from the external loop filter

as discussed in section 4.3.1, the VCO tuning gain can be approximated to (4.20). From

(4.20), we can see KVCO,i changes when the ith LC-VCO is tuned at different frequencies.

To simplify the loop parameter design when different LC-VCOs in the PLL are used, the

ratios between CV,i(VTUNE) and Ck,i are intendedly designed to be independent of i, and

then (4.21) can be obtained. To satisfy the above condition, the varactor CV,i need to be

designed to satisfy the scaling trend in (4.22).

CV,i = CV,1 ·

(
1− 1

2∆C

1+ 1
2∆C

) i−1
2

(4.22)

Substituting (4.21) into (4.17), we obtain:

L(s) =
ICP

2π
· Z(s)

s
· fREF ·

−1
2Ck
· dCV

dV

∣∣
V=VTUNE

(4.23)

≈ ICP

2π
· Z(s)

s
· fREF ·

−KC

2Ck
(4.24)

According to (4.23), a fixed PLL bandwidth can only be achieved if L(s) is independent of

the output frequency while d
dVCV/Ck changes with output frequency. Z(s) and ICP can be

adjusted when other loop parameters change. However, this work uses a fixed external loop

filter, so only ICP can be used to compensate the changes. The nonlinear tuning character-

istic of a varactor is very difficult to track and compensate. By sufficiently constraining the
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allowable tuning voltage variation, d
dVCV can be assumed nearly constant (=KC) as indi-

cated in (4.24). As a result, if ICP/Ck can be kept constant by appropriately programming

the charge pump current ICP when changing the output frequency, we can indeed guarantee

a constant loop bandwidth across the output range. In this work, the capacitance of the

LC tank is controlled by a digital tuning engine, so the number of unitary capacitor cells is

accessible to the system after the calibration is done. By using the capacitor control word

determined by the search engine, appropriate number of charge pump current cells can be

switched-on to keep ICP/Ck constant.

In this particular implementation, the ith varactor is chosen to be less than 5% of Ck,i,

and the allowed tuning voltage range has been limited to 600 mV in the tank design so

that the nonlinearity of the varactor remains small. The 2-bit charge pump current is pro-

grammed between 500 uA and 2 mA and a stable loop bandwidth of 100 kHz has been

maintained.

4.3.3 VCO Multiplexing and Signal Distribution Amplifier

To multiplex VCOs, only a single VCO and its associated buffer amplifiers are turned on

according to the desired output frequency. The signal from each VCO is first buffered by

a balanced CMOS pre-amplifier that further drives an open-collector bipolar transconduc-

tance amplifier (see Fig. 4.6). The four transconductance amplifiers all connect to the same
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transimpedance amplifier (TIA). The TIA interfaces the programmable divider of the PLL

and the frequency post-synthesis including the output divider and frequency multipliers.

For a signal with its frequency up to 8 GHz, it is challenging but imperative to maintain

signal integrity because the signals are sent to various blocks placed far from the VCO

bank. To have adequate signal swings at the inputs of those blocks, the input impedance

needs to be sufficiently large compared to the inductance of the routings, and the parasitic

capacitance should be tuned out by additional shunt inductors to prevent the incoming

signal from being attenuated. Since the quality factor of the tuned loads do not need to be

very high, active inductors using bipolar transistors have been added in parallel to the load

resistors of the buffers. They offer significant area savings over passive planar inductors.

4.3.4 Loop Components: Divider, Phase-Frequency Detector, Lock

Detector, Charge Pump, Reference Divider, and Delta-sigma Mod-

ulator

The VCO output signal is fed back into the PLL through a fixed bipolar current-mode

logic (CML) divide-by-2 that drives the programmable loop divider. The programmable

divider adopts the truly modular topology in [21] and consists of a cascade of eight divide-

by-2/3 dual modulus divider cells. The divider has a high speed bipolar front-end section

composed of four divider cells. The later stages as well as additional control circuits are

made by CMOS logic. As shown in Fig. 4.8, the additional level shifting circuits needed
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Figure 4.8: The divide-by-2/3 cell (left) in the truly modular divider and the unbalanced
composite latch with AND function (right). The unbalanced composite latch eliminates the
need for level shifters required in BJT CML circuits.

by a CML AND function have been avoided by modifying the differential composite AND

latch to an unbalanced OR function on the negative output branch so that only one DC

level is needed for the logic operation in addition to the clock port. An additional retiming

flip-flop is added to synchronize its output to the input clock of the programmable divider

to eliminate the jitter accumulation caused by the cascaded (ripple) structure of the divider.

The phase detection section includes a tri-state phase frequency detector (PFD), a

charge pump, a lock detector, and a reference divider whose modulus can be programmed

from 1 to 32. As shown in Fig. 4.9, delay cells are inserted to the asynchronous reset path

of the PFD to guarantee a 500 ps on-state pulse width of the charge pump to mitigate the

dead zone caused by the limited speed of the charge pump. The output of the PFD further

provides dual polarity for different possible loop filter topologies [22].
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Figure 4.9: Circuit implementation of the phase frequency detector, the charge pump, and
the lock detector. The PFD and the lock detector are implemented using standard CMOS
logic. The charge pump adopts a source switching topology that uses both NMOS and
PMOS current sources.

A lock detector is included to indicate the locking condition of the PLL. The delayed

reference and feedback clocks are used to sample the feedback and reference clocks, re-

spectively. The delay is designed to be 2 ns in this work. When the phase difference

between the reference and the feedback clock is shorter than the designed delay, both flip-

flops output logic-high, indicating a state of phase locking.

A 24-bit pipelined digital delta-sigma modulator (DSM) [23] clocked by the output of

the feedback divider modulates the instantaneous modulus of the PLL divider to achieve

fractional division moduli. The DSM uses MASH architecture and can be programmed up

to 3rd order (MASH-1, -1-1, and -1-1-1). The NTF of the Lth (L=1 to 3) order MASH DSM

is
(
1− z−1)L, and the resulting input-referred phase noise caused by the quantization noise

can be found in [24]. The charge pump circuit depicted in the right of Fig. 4.9 uses a source
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switching topology with programmable currents as in [25]. The matching of the source and

sink currents can be coarsely adjusted by changing the equivalent turn-on resistance of

the switch in the PMOS current mirror through the SPI interface in case of large process

variation. For a fractional-N charge pump PLL, the mismatch in the charge pump currents

cause gain non-linearity that folds the high-pass shaped quantization noise back to lower

frequencies and limits the effectiveness of having a high-order delta-sigma modulator in the

fractional feedback divider. We designed for an output voltage range of the charge pump

of 600 mV so that the mismatch in the charge pump currents and the nonlinearity of the

varactor tuning gain can be kept limited.

4.4 Post-Synthesis Frequency Division and Multiplication

With more than an octave of combined frequency coverage, any output frequencies can be

derived from the core synthesizer output through a division or a multiplication by a factor

that is a power of two. This means that the post frequency synthesis can be done in a

relatively simple way: a cascade of divide-by-2 circuits or frequency doublers.

4.4.1 Cascaded Divide-by-Two Divider Output Chain

There are five cascaded stages of divide-by-two cells generating the frequencies below

4 GHz down to 125 MHz from the core fractional-N synthesizer. Bipolar current-mode

latches are used to implement divider stages while the biasing current is scaled according
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to the operating frequencies of different stages. Note that jitter accumulates due to the

cascade structure. An additional flip-flop is added to re-synchronize the divided signal to

the synthesizer output.

4.4.2 Output Frequency Doubler and Quadrupler

We use a cascade of active RF frequency doubling cells based on Gilbert multipliers [26]

to generate frequencies from 8 GHz to 32 GHz. They generate stronger output signals and

smaller spurious components compared to using a nonlinearity [27–29]. The block diagram

of the multiplier is depicted in Fig. 4.10. To provide a frequency multiplication factor

of two and four, a cascade of two frequency doublers is used. Both frequency doublers

shown in Fig. 4.11(a) use active bipolar Gilbert cell multipliers that multiply the input

signal with itself to generate strong second harmonic terms over a wide frequency range;

however, additional filtering is needed to suppress unwanted harmonics from the single-

multiplier-based doubler (see Fig. 4.11(b)). The complete frequency multiplier consists of

two frequency doublers, passive filters, and multiplexing buffers, which can be configured

to pass wanted signals and attenuate unwanted ones.

Due to feedthrough and mixing of the signal with its harmonics, the first doubler will

generate unwanted output frequencies with the strongest components at 1x and 3x the in-

put frequency. Between the first and the second doubler, an integrated five-pole elliptic

LC passive band-pass filter (BPF) with a passband of 8 to 16 GHZ, as shown in the left
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Figure 4.10: The block diagram of the 2x/4x frequency multiplier. The selection between
doubling and quadrupling is by powering on or off the second frequency doubler and its
associated buffers. The bandpass filter rejects signals except for the second harmonic terms.
The output high-pass filter rejects the fundamental and the second harmonics.

of Fig. 4.11(b), has been implemented to suppress the signal feedthrough and the input

harmonics beyond the second. MIMCAPs with series switches are added to center the

center frequency of the BPF in case of significant process variation. To attenuate the low

frequency feedthrough and spur at the output of the second doubler, a five-pole elliptic LC

high-pass filter (HPF) (Fig. 4.11(b)) with a low-frequency cut-off of 16 GHz is inserted

following the second doubler. Spurs at frequencies higher than 32 GHz are expected to be

attenuated by the parasitic poles of the output driver of the chip so no further filtering is

needed.

The programmable frequency multiplier chain has been characterized separately and

has a conversion gain of more than 10 dB for output frequencies between 8 and 32 GHz.
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(a)

(b)

Figure 4.11: (a) The schematic of frequency doubler in the post-synthesis section. The
doubler uses a Gilbert cell based multiplier whose two differential input signals are both
at the same frequency. Level shifters (Q1-Q4 and Q11-Q14) are added to bias the bipolar
transistors properly. (b) Schematic of the 8-16 GHz elliptic band-pass filter (left) and the
8 GHz high-pass filter (right).
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4.5 Experimental Results

The single-chip wideband signal source is implemented using a 0.18-um SiGe BiCMOS

one-poly-six-metal-layer technology with maximum bipolar transistor fT of 200 GHz. The

chip die measures 2.1 mm by 2.1 mm, and is shown in Fig. 4.12. As shown in the photo,

the inductors used in this work are all square inductors. These inductors tend to have lower

quality factors compared to circular or octagonal ones. They are chosen because they have

been characterized by the foundry. The chip was packaged in a custom 28-pin QFN pack-

age which is capable for RF applications above 10 GHz. For experimental characterization,

the chip has been mounted on a four-layer printed-circuit board (Fig. 4.12) made of a low

dielectric loss material (RO4003) with a tight tolerance. Two pairs of wideband differential

output ports have been assigned for output signals at frequencies below, and above 8 GHz

respectively. Measurements have been done single-ended using one output and terminating

the other output with 50 Ω. The entire system on the board measures 2 inch by 2 inch.

The configuration and power consumption of the single-chip signal source changes for

different desired output frequencies. The detailed breakdown of current consumption from

different supply voltages is listed in Table 4.5 for different operating conditions. When

signals at frequencies between 4 to 8 GHz are synthesized, only the core synthesizer is

turned on and the chip consumes minimum power. If output signals with frequencies below

4 GHz are needed, the divide-by-two output divider chain is powered on in addition to the

synthesizer; the number of enabled divide-by-2 stages depends on the division ratio needed.
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Figure 4.12: (Left) Die photo of the single-chip signal source. On each side, only seven
out of the ten pads are bonded to a custom 28-pin RF QFN package. The four LC-VCOs
located on the left side of the chip. The post-synthesis section is in the top part of the
chip, including both output divide-by-two’s-power chain and the frequency multiplication
section. (Right) The photo of the system test board.

For output frequencies between 8 and 16 GHz, the first frequency doubler and associated

output buffer, and the core synthesizer need to be switched on. For frequencies higher than

16 GHz, both doublers are turned on as well as their corresponding output buffers, and the

power consumption reaches its maximum. For example, to synthesize signals at 24 GHz,

12 GHz, 6 GHz, 3 GHz, and 1.5 GHz, the chip consumes 498 mW, 374 mW, 284 mW, and

343 mW, respectively.
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Figure 4.13: Measured tuning curves of all the VCOs.

Fig. 4.13 shows the measured tuning curves of the four VCOs. A minimum of 50%

overlapping is achieved. An external Crystek CPR033 20-MHz crystal reference was used

as the core PLL reference clock during characterization. An external R-C loop filter with

the same configuration as in [22] is used. The resulting fourth order Type-II PLL configu-

ration has a loop bandwidth of 100kHz, which is chosen for low integrated phase error and

jitter performance. Fig. 4.14 shows the measured close-in output spectrum of the synthe-

sizer when the output is tuned at 6.0027 GHz. The reference spurs at a 20-MHz offset are

below -70 dBc. Almost identical performance is obtained in integer-N mode. Fig. 4.15(a)

shows overlaid close-in phase noise spectrum of outputs at different frequencies originating

from the same core synthesizer signal measured with an Agilent 4440A spectrum analyzer.

The core synthesizer operates in the fractional-N mode and outputs a fundamental sig-

nal at 6.0027GHz. Signals at 12.0054 GHz and 24.0108 GHz are generated by frequency
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Figure 4.14: Measured output spectrum at 6.0027 GHz. The reference spur level is 70dB
lower than the wanted signal.
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(a)

(b)

Figure 4.15: (a) Measured closed-in phase noise spectrum of signals at [4, 2, 1, 0.5, 0.25,
0.125] x 6.0027 GHz. The difference between successive curves is 6 dB. The phase noise
of the fundamental signal achieves -83.0 dBc/Hz in-band and -117.6 dBc/Hz at 1-MHz
offset. (b) Summary of the loop bandwidth of the fractional-N synthesizer tuned at different
frequencies from 4 to 8 GHz.
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multiplication while the signals at 3.00135 GHz, 1.500675 GHz and 750.3375 MHz are

generated by division. The low-pass 3-dB corner frequency of the phase noise spectrum is

about 100 kHz, as expected from the designed PLL bandwidth. The phase noise slope is

about -30 dB/dec between 100-kHz and 1-MHz offsets, and becomes -20 dB/dec for offsets

beyond 1 MHz, where the 1/f2 phase noise contribution of the VCO dominates. For the

fundamental output at 6.0027 GHz, the in-band phase noise floor is -83 dBc/Hz, the far-out

phase noise floor is -142 dBc, and at 1-MHz offset, the phase noise level is -117.6 dBc/Hz.

As theoretically expected, the difference between the phase noise spectra of successive sig-

nals (i.e. signal with a frequency ratio of 2) is almost exactly 6 dB, and generally, for the

divided and multiplied outputs, the noise levels scale by 20logN-dB for a frequency ratio

of N. The increase in the far-out noise for the 24-GHz output is due to increased noise floor

of the spectrum analyzer around this particular frequency band(see also Figs 4.19 (a) and

(b)). Fig. 4.15(b) summarizes the loop bandwidth of the synthesizer when it is tuned from

4 to 8 GHz., and the measured variation of the bandwidth is limited. Note that this work

uses a external calibration engine to determine the capacitor control word, and therefore

the 2-bit charge pump control word is also adjusted externally by the first two bits of the

largest capacitor bank.

Fig. 4.16 summarizes the phase noise of synthesized frequencies from 500 MHz to

32 GHz at 10-kHz, 100-kHz, 1-MHz, and 10-MHz offsets in fractional-N mode. The core

synthesizer is tuned in a step of 500 MHz to characterize the frequencies from 4 GHz to

8 GHz. Frequencies below 4 GHz or above 8 GHz are then synthesized by post-synthesis.
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Figure 4.16: Measured phase noise at 10-kHz, 100-kHz, 1-MHz, and 10-MHz offset fre-
quencies for carrier frequencies from 500 MHz to 32 GHz. The phase noise roughly has a
slope of +20-dB/dec with respect to the output frequency.
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The in-band phase noise (i.e. at 10-kHz offset) roughly scales with the square of the output

frequency. This is because the in-band phase noise of the output synthesized signal scales

with the output frequency squared as indicated by (4.4). At the 1-MHz and 10-MHz off-

sets, the 1/f2 phase noise of the VCO dominates the output noise. The VCOs are designed

and operated to have a constant FoM so that their phase noise is expected to scale quadrat-

ically with output frequency (see section 4.3.1), which is also observed experimentally in

Fig. 4.16. The phase noise at the 10-MHz offset for lower output frequencies saturates

because the buffers and output stages have only a limited output white noise floor.

The output absolute jitter as well as the integrated phase error is summarized in Fig. 4.17.

The integration bandwidth is from 1kHz to 100MHz. At 6.0027GHz, the output jitter is

1.05 psRMS which corresponds to an integrated phase error of 2.27 degreesRMS or an inte-

grated phase noise of -28 dBc. As discussed earlier, both the VCO and the in-band phase

noise floor scale with the square of the output frequency and the PLL is operated with a rel-

atively stable loop bandwidth. As a result, the integrated phase error scales with the square

of the output frequency while the output jitter remains nearly constant across the entire fre-

quency range (see Fig. 4.17). Note that the spurs caused by the doublers and quadruplers

can cause the pattern jitter. However, since the integration bandwidth is much smaller than

the spur offset frequencies, the effect is not taken into account.

Fig. 4.18 shows the comparison among the measured phase noise for integer-N (fout = 6 GHz),

fractional-N modes (fout = 6.0027 GHz) for closely chosen output frequencies as well as

the simulated results. In fractional-N mode the phase noise is higher than in integer-N mode
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Figure 4.17: Measured output absolute jitter and integrated phase noise at output frequen-
cies from 500 MHz to 32 GHz. At 6 GHz, the synthesized signal has an absolute jitter of
1.05 ps and the integrated phase noise of -28 dBc.
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Figure 4.18: Measured phase noise spectrum for integer-N (fout = 6 GHz) and fractional-N
modes (fout = 6.0027 GHz) as well as the simulated results
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by about 3 dB. Normally, due to the high-pass noise shaped nature, the DSM contributes

primarily noise at larger offset frequencies, which can be filtered by the loop. However,

the fixed divide-by-2 circuit between the VCO and the programmable divider in the PLL

doubles the quantization step in the divider setting, and thus larger instantaneous phase er-

rors appear at the input of the PFD from the delta-sigma modulated changes in the divider

setting. This exacerbates the fold-back of high frequency components of the shaped phase

error to lower frequencies by the phase detection gain nonlinearity [30]. As a result, in

the fractional-N mode, the in-band phase noise floor increases by 3 dB. This result can be

further confirmed by the simulated noise breakdown in Fig. 4.7.

In some applications, the in-band fractional spurs can be a concern, and therefore the

system needs a sophisticated frequency plan as well as the choice of reference frequency is

needed to avoid the fractional spur. The measured worst-case fractional spur level is -23dBc

when the PLL is tuned around 6 GHz. In this prototype chip, fractional spur reduction is

outside the scope of this work, however, some design techniques proposed in [31, 32] can

be used in different type of fractional-N PLLs to reduce fractional spurs.

Fig. 4.19 (a) shows the output spectrum with a span from DC to 50 GHz when the

frequency post-synthesis doubles the 6-GHz core synthesizer signal to a 12-GHz output

signal. The chip was only characterized from an unbalanced output, and as a result the

even-order harmonics are larger than what can be expected from the balanced output. For

the unbalanced output, the largest spur occurs at the second output harmonic, 24 GHz. The

spur at 6 GHz is due to feed-through in the doubler. Fig. 4.19 (b) shows the unbalanced
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output spectrum of the signal source when frequency quadrupler is selected to convert the

6-GHz core synthesizer signal to 24 GHz. The second harmonic of the unbalanced output

is much lower because of the limited bandwidth of the 50-ohm driver and the transmission

line on the PCB. The two largest spurs are found at 12 GHz due to feed-through in the

second doubler and at 36 GHz due to parasitic mixing of the 12 GHz and 24 GHz signals

in the quadrupler.

Fig. 4.20 shows the power of the unbalanced output signal and the power of the major

spurious tones for output frequencies between 8 GHz and 16 GHz generated using the fre-

quency doubler in the post synthesis block. The measured signal power varies from -3 dBm

to -10 dBm; the signal losses in the cables and PCB traces have not been calibrated out.

The largest spurs are at the second harmonic of the unbalanced output signal. It can be

expected5 that for balanced outputs the second harmonics will be reduced and an SFDR of

25 dBc can be obtained. The next spur is the feed-through of the core synthesizer signal;

this spur increases significantly for output frequencies above 11.6 GHz. We believe this

increase is due to the direct coupling between two of the VCOs and the output of the mul-

tiplier or buffer. For outputs above 11.6 GHz, the two highest frequency LC-VCOs in use

are only 100 um away from the frequency multiplier section in the layout (see Fig. 4.12).

The rest of spurs are all below -40 dBm.

Fig. 4.21 shows the output power for output frequencies from 16 to 32 GHz, obtained

by quadrupling the core synthesizer signal, and the power of the spurs at 1x, 2x, 3x, and 5x

5We could not verify this experimentally due to the lack of a sufficiently wideband hybrid coupler.
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(a)

(b)

Figure 4.19: (a) Measured unbalanced output spectrum for a 12-GHz output; (b) measured
unbalanced output spectrum for a 24-GHz output.
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Figure 4.20: Measured spur and signal levels for output signals between 8 and 16 GHz
generated by the doubler. The measurement was done from a single-ended output. The
signal loss due to the cable and the PCB traces has not been calibrated out.
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the core synthesizer signal frequency. The measured signal power varies from -3 dBm to

-14 dBm. Output signals below 20 GHz have lower power due to the reactive matching of

the buffer. At frequencies higher than 29 GHz, the output power drops due to the limited

bandwidth caused by under-estimated parasitics of the package. Similarly as for signals

generated with the doubler some spurs increase abruptly when the two high frequency

VCOs are used in the core synthesizer.

The typical performance of the 125-MHz to 32-GHz single-chip signal source when its

core fractional-N synthesizer is tuned at 6.0027 GHz is summarized in Table 4.3 including

for different supply voltages. We have measured three prototypes and all had very similar

performance.

4.6 Conclusions

We presented an ultra-wideband signal source implemented on a single chip in a 0.18-um

SiGe BiCMOS foundry technology covering 125 MHz to 32 GHz with a step smaller than

10 Hz. The core 4-8GHz fractional-N synthesizer uses 4 on-chip NMOS VCOs with inte-

grated LC resonators. The synthesizable range of the core synthesizer is over 67%, and the

signal source output frequency range is extended down to 125 MHz with an output divide-

by-2 chain and is extended up to 32 GHz with output frequency doublers and quadruplers.

This integrated circuit allows to implement a complete ultra-wide-range frequency synthe-

sis source with a very small PCB footprint.
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Figure 4.21: Measured spur and signal levels for output frequencies between 16 and 32-
GHz generated by the quadrupler. The measurement was done with only unbalanced out-
put. The loss of the cable and the PCB traces is not calibrated out.
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Table 4.3: Summary of typical performance
Technology 0.18um 1P6M SiGe BiCMOS

Die size 2.1mm x 2.1mm (4.4mm2)

Package 28-pin custom QFN

Frequency range
Core synthesizer 4 GHz – 8 GHz

Output frequency coverage 125 MHz – 32 GHz

PFD comparison frequency 20 MHz

PLL loop bandwidth 100 kHz

Operation condition (±5%) Nominal voltage Low voltage High voltage

Power consumption

fOUT = 4 GHz–8 GHz 284mW 266mW 299mW

fOUT < 8 GHz 329mW–363mW 306–339mW 346–382mW

fOUT > 8 GHz 374mW–498mW 365–481mW 403–533mW

Phase noise
@10 kHz offset -83.0 dBc -82 dBc -84.4 dBc

@100 kHz offset -86.0 dBc -86 dBc -88.2 dBc

at fC = 6.0027 GHz @1 MHz offset -117.6 dBc -117 dBc -117.6 dBc

@10 MHz offset -138.8 dBc -138.8 dBc -139.4 dBc

Integrated phase noise -28.0 dBc -28.6 dBc -29.6 dBc

RMS phase error 2.28◦ 2.13◦ 1.88◦

RMS jitter 1.05ps 0.99ps 0.87ps

Spurious emissions

Reference spurs -70.2 dBc

fOUT = 12 GHz -18.9 dBc

fOUT = 24 GHz -25.5 dBc
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Chapter 5

Ultra Low Phase Noise Frequency

Synthesis in Nano-scale CMOS

5.1 Introduction

Low noise frequency synthesizers are needed in many applications: carrier-modulated

communication systems use frequency synthesizers to generate the LO signals for both

receiving and transmitting. Instrumentations for testing such as signal generators use a

complicated synthesis system with lots of additional filters to achieve a very low noise and

wide frequency coverage. In those systems, the phase noise or jitter performance of the

synthesizers directly impacts their performance. For example, the phase noise sideband of

the LO signal can reciprocally mix the unwanted blockers down to the wanted receiving

channel and result in a lower SNR. In addition, the integrated phase error also increases the

200
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error-magnitude vector (EVM) [1] of the received and transmitted signals. Even though mi-

croprocessors do not need a very high quality clock, jitter in a very large clock distribution

network can still raise the uncertainty of the clock skew that reduce the maximum opera-

tion speed of a digital system. Therefore, low noise frequency synthesizers are necessary

in many high performance clocked systems.

In an integer-N frequency synthesizer, its output frequency is locked to an integer mul-

tiple of the reference frequency by the PLL. Although the ratio between the output and

the reference frequencies can be programmable in most of the PLL-based synthesizers by

changing the division modulus in the programmable feedback divider, the ratio is set in an

integer basis. So the output frequency can only be programmed in a frequency step equal

to the reference frequency.

For low phase noise integer-N PLLs implemented in nanoscale CMOS technologies,

there have been two architectures presented recently using different techniques: sampling

phase-locked loops (PLL) [2] and sub-harmonically injection-locked oscillators [3,4]. These

works report superior noise performance and no more than 150 fs of RMS jitter; however,

none of them is able to synthesize frequencies with a step finer than the reference. In other

words, these techniques can only be used for clock multiplication.

However, fine frequency synthesis steps are required in many systems: a transmitter

based on the polar modulation [5–7] uses a high resolution synthesizer to achieve the

needed angular modulation. Test equipments, of course, need very fine frequency tun-

ing capability to output an accurate but flexible synthesized signal. To achieve a small
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synthesis step in an integer-N synthesizer, a low frequency reference clock must be used.

Because the settling speed (or the bandwidth of the loop of the PLL) is limited by the ref-

erence frequency, a low frequency reference leads to a low bandwidth PLL, which need

longer time to settle. Thus, there is a trade-off between the frequency resolution and the

settling speed. Furthermore, as will be discussed later, lower reference frequency results in

higher in-band phase noise.

To achieve a fine frequency resolution but with a high frequency reference and a wide

loop bandwidth, a delta-sigma modulated fractional divider is widely used [8]. This partic-

ular type of divider modulates the division ratio of an integer divider on the fly by a digital

delta-sigma modulator (DSM) so that the divider equivalently has a non-integer division

ratio. The sidebands of the divided signal caused by the modulation have a high-pass spec-

tral shape and thus can be filtered by the low-pass loop filter. This architecture has been

proven to be a very reliable solution for fractional-N frequency synthesis.

In recent years, all-digital PLLs (ADPLL) [9] using high performance time-to-digital

converters (TDCs) are also adopted as fractional-N frequency synthesisers for some analog

applications. The in-band phase noise and spur performance of these ADPLLs strongly

rely on the effective resolution and the linearity of the TDCs. Therefore designing a high

resolution and linear TDC is often the most challenging task in many published ADPLL

designs [10, 11]. However, the massive switching events cause fast switching noise of

an ADPLL, and this noise can possibly degrade the phase noise or spurious performance

through several coupling mechanisms.



203

Before proposing a low noise fractional-N frequency synthesis architecture, we will

first analyze the phase noise of a delta-sigma modulated charge pump PLL. The challenges

for phase noise optimization will be addressed and analyzed on a theoretical basis. Several

techniques for low phase noise PLL that have been published will also be briefly introduced

and compared in section 5.2.

5.1.1 Phase Noise Analysis for Charge Pump Fractional-N Frequency

Synthesis Using a Delta-Sigma Modulation

To investigate various techniques that can be used to achieve low phase noise frequency

synthesis, we first recall the results in chapter 4: the phase noise of a PLL-based frequency

synthesizer can be written as:

LSYN(∆f ) =

(
fOUT

fREF

)2 ∣∣∣∣ L(j2π∆f )
1+L(j2π∆f )

∣∣∣∣2 ·LREF(∆f )+
∣∣∣∣ 1
1+L(j2π∆f )

∣∣∣∣2 ·LVCO(∆f ) (5.1)

There are two major noise sources in (5.1): LVCO and LREF. They represent the noise

sources that see a high-pass or low-pass noise transfer function (NTF), given that the loop

gain L(s) has a low pass frequency response. LREF denotes the equivalent input-referred

phase noise seen by the phase comparison circuits. This includes the noise contribution

from the input clock buffer, the PFD, charge pump, the feedback programmable divider,

and other noise sources such as the phase noise caused by the quantization errors of the

DSM in a fractional-N synthesizer. The combination of the above phase noise sources sees
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a low-pass NTF. LVCO is the VCO phase noise, which sees a high-pass NTF in a PLL. Note

that the presented analysis uses the symbol L(∆f ) to represent the two-sided phase noise1.

The output noise of the PFD and the divider is usually benchmarked by the RMS edge

jitter. It is a measure of the timing uncertainty when the output waveform of a driven

circuit crosses the threshold with respect to the threshold-crossing instance of the input. As

illustrated in Fig. 5.1, this timing uncertainty can be considered as the result of the voltage

waveform changed by the noise voltage superimposed on it during transitions. Because

only the instances at the threshold-crossings can be modulated by the noise, the noise only

affects a sequence of discrete events that repeat every cycle. Assuming that the output

voltage noise has a sampled two-sided power spectral density (PSD) of Sv(∆f ) 2, and that

the voltage waveform has an finite slope S during transitions, the phase noise of the PFD

output is [13]:

LPFD(∆f ) = 4π
2f2

REF
Sv(∆f )

S2 (5.2)

Assuming Sv(∆f ) is white3, which means the noise power spreads evenly onto a band-

width of fREF, (5.2) can be simplified by using the variance of the voltage noise σ2
V or the

1L (pronounced ”script ell”) is previously defined as the ratio of the power in one sideband around the
carrier due to phase modulation within a 1 Hz bandwidth to the total signal power, i.e. carrier plus sidebands
[12]. L is now defined as Sφ/2, which is the two-sided power spectral density of the phase fluctuation by
IEEE standard 1139-1988

2Becaue Sv is the PSD of a periodically sampled noise voltage, it repeats in every Nyquist zone. Therefore
the notion of Sv(∆f ) can be used while ∆f is an offset frequency at the baseband

3This assumption is not always true in all modern CMOS technologies because high flicker noise can
present
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Figure 5.1: In digital circuits, where only the waveform transitions are sensitive to inter-
ferences, the noise voltage superimposed onto the voltage waveform during the transition
creates the timing uncertainty of threshold-crossing events.

edge jitter σT as [14, 15]:

LPFD(∆f ) = 4π
2fREF

σ2
V

S2 (5.3)

= 4π
2fREFσ

2
T (5.4)

The phase noise due to the input clock buffer, LCLK(∆f ), and that due to jitter of divider,

LDIV(∆f ), have a form similar to (5.2) to (5.4). Note that the jitter in the PFD occurs at both

edges of the output voltage pulses that turn on the charge pump currents while the divider

output jitter only affects the PLL at the edges with the same triggering polarity of the PFD.

As shown in Fig. 5.2, in addition to the PFD and divider, the charge pump also con-
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Figure 5.2: The charge pump generates noise whenever the source or the sink currents are
switched on.

tributes noise from the current sources during their active time TON. When an integer-N

charge pump PLL is in lock, the output electrical noise from the charge pump is cyclo-

stationary and, therefore, can be considered a stationary noise source modulated (or mul-

tiplied) by a periodical pulse as shown in Fig. 5.3. The modulation pulse has a period of

TREF. Its value is one between ±TON/2 but zero elsewhere. The active time of the charge

pump in an integer-N PLL is roughly equal to the asynchronous delay of the tri-state PFD

TON,PFD. In fractional-N PLLs using delta-sigma modulation, on the other hand, the active

time changes over time due to the modulation of the division modulus. To simplify the

analysis, the expected (average) active time can be applied to the approach for integer-N

scenario. The expected active time will be derived in this section.

The periodical pulse can translate the noise to different harmonic frequencies. Since

the noise up-converted to higher frequencies is attenuated by the loop filter, only the noise

appearing at lower frequencies after frequency translation is significant to the noise perfor-
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Figure 5.3: Noise from a charge pump is a cyclostationary process. It can be equivalent to
a stationary noise source multiplied by a periodical pulse toggles between 1 and 0.
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mance of a PLL. To find out the frequency conversion gain by the pulse modulation, the

Fourier series of the aforementioned pulse can be used.

Xn =
TON

TREF
· sinc

(
nπ

TON

TREF

)
(5.5)

The noise of the current sources in a charge pump is mainly composed of white (thermal)

and colored (flicker) noise. If VDS is not equal to zero, the white noise coming from the

MOS transistor channel with non-homogeneous conductivity can be written as 4kTγgm,

where k is the Boltzmann constant, T is the absolute temperature, γ is the noise factor of the

MOS transistors, and gm is the transconductance of the transistor. Because the bandwidth

of the channel noise is usually much wider than the reference frequency, the noise at higher

frequencies can be down-converted to DC by the noise modulation pulse described by (5.5).

Because white noise has a uniform spectral density, the PSD of the white noise translated to

the DC is the summation of the conversion (power) gains from the entire frequency domain

multiplied by the white noise spectral density.

i2n,w = 4kTγgm ·
n=∞

∑
n=0
|Xn|2 (5.6)
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To find out the summation in (5.6), Parseval’s theorem can be used.

n=∞

∑
n=0
|Xn|2 =

1
TREF

·
∫ +

TREF
2

−TREF
2

x(t)2 dx (5.7)

=
TON

TREF
(5.8)

Then the output white drain current noise around DC for a MOS transistor modulated by a

periodical pulse x(t) can be found as:

i2n,w = 4kTγgm ·
TON

TREF
(5.9)

For flicker noise, unlike the wideband white noise, its 1/f spectral shape has much lower

density at higher frequencies. Therefore, the down-converted noise component, originating

from higher frequencies, is of very little significance compared to the primary low fre-

quency flicker noise. The pulse-modulated output drain current noise of a MOS transistor

due to flicker noise is:

i2n,f =
g2

mKf

COXWL
· 1

f
· |X0|2 (5.10)

=
g2

mKf

COXWL
· 1

f
·
(

TON

TREF

)2

(5.11)

where COX is the unit gate oxide capacitance, W is the gate width, L is the gate length, and

Kf is a process-dependent constant.
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From (5.9) and (5.11), we can conclude that the pulse modulation reduces the noise

PSD from stationary white and flicker noise sources by (TON/TREF) and (TON/TREF)
2,

respectively. The resulting flicker noise corner frequency is decreased by (TON/TREF) as

indicated in (5.13).

fc,0 =
Kf

COXWL
· gm

4kTγ
(5.12)

fc = fc,0 ·
TON

TREF
(5.13)

Assuming that the matched source and sink current sources have the same amount of

noise power, the input-referred phase noise of the charge pump can be expressed as:

LCP(∆f ) =
16π2kTγgm,CP

I2
CP

·TON · fREF ·
(

1+
fc,0 ·TON · fREF

∆f

)
(5.14)

=
32π2kTγ

VOD,CP · ICP
·TON · fREF ·

(
1+

fc

∆f

)
(5.15)

ICP is the charge pump current. gm,CP and VOD,CP are the transconductance and the over-

drive voltage of the current source transistor in the charge pump. However, TON can be

quite different in integer-N and fractional-N PLLs. Given that an appropriately designed

finite delay, TON,PFD, in the asynchronous reset of a tri-state PFD is needed to avoid any

phase detection dead zone, TON equals to 2TON,PFD in an integer-N PLL4. The factor of

4Strictly speaking, this is true only when there is no charge pump current mismatch. If the source and
sink currents are different, a static timing (or phase) offset between the reference and the feedback divided
signals is needed by the loop to compensate this charge error. This additional static timing offset increase the
active time of the branch with lower current so that zero net charge condition is maintained.
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two accounts for the fact that both source and sink currents are active during the reset

pulse. In a fractional-N PLL with a DSM, TON becomes longer because the modulation in

the instantaneous moduli results in timing differences between the triggering edges of the

modulated (or divided) and the reference signals. The sequences of the timing differences

can be written as:

∆TON,DSM[i] = TVCO ·
i

∑
k=−∞

(n[k]−∆) (5.16)

Because the charge pump is active whenever there is a timing difference between the in-

coming two signals of the tri-state PFD, the total active time including that of both the

currents is equal to the absolute value of ∆TON,DSM[i]. Therefore, TON,DSM can be formu-

lated as:

TON,DSM = E{|∆TDSM[i]|} (5.17)

= E

{∣∣∣∣∣TVCO ·
i

∑
k=−∞

(n[k]−∆)

∣∣∣∣∣
}

(5.18)

TON = TON,PFD +
TON,DSM

2
(5.19)

where E{ } denotes the expectation operation. ∆TDSM[i] is the timing difference between

the triggering edges of the modulated divided clock and the reference. ∆(= (fOUT mod fREF)/fREF)

is the fractional part of the required division ratio while n[k] is the output integer sequence
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from the DSM representing the quantized ∆. TON is the averaged active time for a single

charge pump branch and can be formulated as (5.19) 5.

To compute TON,DSM, the statistical property of ∆TDSM[i] is needed. Assuming that the

NTF of the quantization error in an Lth order DSM is NTF(z) =
(
1− z−1)L, the z-transform

of n[k] can be expressed as:

n(z) = ∆+ eq ·NTF(z) (5.20)

where eq is the RMS value of the quantization error, which equals ∆q/
√

12. ∆q is the

quantization step and is equal to the minimum step of the programmable modulus in the

feedback divider. The quantization error is shaped by the DSM with a high-pass NTF(z).

Given that the timing error ∆TDSM is the accumulation of the timing differences between

the instantaneous divided cycle and the reference, the z-transform of ∆TDSM[i] can be for-

mulated as (5.21), and the two-sided PSD of ∆TDSM can also be obtained as (5.22).

∆TDSM(z) = TVCO · eq ·
NTF(z)
1− z−1 (5.21)

S∆TDSM(f) = T2
VCO ·

∆2
q

fREF
· 1

12
·
(

2 · sin
(

πf
fREF

))2L−2

(5.22)

The variance of ∆TDSM can be obtained by integrating (5.22) from −0.5fREF to +0.5fREF.

5Note that TON,DSM is the average active time of the charge pump circuit, which includes both source
and sink current branches. Given the fact that E

{
TVCO ·∑i

k=−∞
(n[k]−∆)

}
(net timing offset) is zero, the

magnitude of the time average of the positive elements in (5.18) is equal to that of the negative elements.
Therefore, the average active time for both positive and negative branch is only half of TON,DSM
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This can further be simplified by replacing f/fREF with another variable x as follows:

σ
2
∆TDSM

= T2
VCO ·∆2

q ·
1

12
·
∫ 1

2

− 1
2

(2 · sin(πx))2L−2 dx (5.23)

= T2
VCO ·∆2

q ·σ2
∆TDSM/TVCO

(5.24)

where σ∆TDSM/TVCO is the normalized RMS timing error caused by the delta-sigma mod-

ulation. Note that the integral in (5.23) does not have a generalized solution form, but

σ2
∆TDSM/TVCO

can still have closed-form solutions for some particular values of L. It is equal

to 1/12, 1/6, 1/2, and 5/3 when the order of the DSM, L, equals 1, 2, 3, and 4, respectively.

For higher order DSMs, ∆TDSM can be approximated to a Gaussian random variable with a

zero mean [16]. With the assumption that ∆TDSM is a zero mean Gaussian random variable

with a of variance σ2
∆TDSM

, i.e. ∆TDSM ∼N
(
0,σ2

∆TDSM

)
, the expect value of |∆TDSM| in

(5.18) can be computed as [17]:

TON,DSM =

√
2
π
·σ∆TDSM (5.25)

By substituting TON,DSM in (5.19) with (5.25), we can obtain:

TON = TON,PFD +TVCO ·
∆q ·σ∆TDSM/TVCO√

2π
(5.26)
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With (5.15) and (5.26), the input-referred phase noise of a due to the electrical noise of the

charge pump can be obtained for a delta-sigma modulated fractional-N PLL.

In addition to the phase noise caused by physical electrical noise derived in (5.4) and

(5.15), the DSM can also generate a high-pass shaped phase modulation sideband caused

by the non-zero quantization step. With the derived timing differences caused by the mod-

ulation in (5.22), the equivalent phase can be obtained by relating the timing error with

the phase error. The input-referred phase noise caused by the quantization noise can be

expressed as [18, 19]:

LDSM(∆f ) = 4π
2f2

REFS∆TDSM(∆f ) (5.27)

=

(
fREF

fOUT

)2 ∆2
q

fREF

4π2

12

(
2 · sin

(
π∆f
fREF

))2L−2

(5.28)

From (5.28), a first order DSM (L=1) will result in flat phase noise spectrum, and no noise

shaping is achieved, and, higher the DSM order, lower the closed-in quantization error in-

duced phase noise. However, like any other nonlinearities that cause intermodulation dis-

tortion, nonlinearities in delta-sigma modulated PLLs result in spectral regrowth at lower

offset frequencies so that the closed-in phase noise can not be shaped to zero as the offset

frequency approaches DC and becomes a flat phase noise floor [19–21]. This regrowth can

be considered the results of the mixing between any spectral bins in a non-deterministic

signal through nonlinearities. This phenomenon is especially more pronounced if a larger

quantization step is used when nonlinearity is present. Some frequency synthesizers in-
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sert a fixed divide-by-2 circuit between the VCO and the feedback programmable divider

for power saving reason [22]. Such configuration makes the integer division ratio only

programmable by a step of two, and therefore the size of the quantization step doubles.

Many CMOS charge pump PLLs use the source and sink (referring to the ground)

currents implemented by PMOS and NMOS transistors. Because different types of transis-

tors are used, a good matching in the currents cannot be achieved by simply matching the

transistor (layout) geometry. The resulting different values of current in the charge pump

corresponds to a sign-dependent nonlinear phase detection gain characteristic. This partic-

ular type of nonlinearity is very typical to many charge pump circuits and is also simple

for theoretical analysis. Therefore, rather use a general polynomial form to describe the

nonlinearity, we use this sign-dependent model to analyze the phase noise regrowth floor

due to gain nonlinearity.

We assume the currents to increase and decrease the VCO frequency to be IUP and IDN,

respectively. Based on the definition in (5.16), the instantaneous phase of the modulated

divider output signal lags the reference when ∆TDSM[i] is positive. The averaged output

current of the charge pump in ith cycle can be written as:

IOUT[i] =


∆TDSM[i]

TREF
· IUP if ∆TDSM[i]≥ 0

∆TDSM[i]
TREF

· IDN if ∆TDSM[i]< 0

(5.29)

If there is no mismatch, and if the charge pump current equals ICP, IOUT[i] in (5.29) will sim-
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ply be ∆TDSM[i]/TREF · ICP. If we represent IUP and IDN by ICP(1+ ε/2) and ICP(1− ε/2),

respectively. ε is the percentage mismatch of the charge pump current. The conditional

equations in (5.29) can be combined as:

IOUT[i] =
∆TDSM[i]

TREF
· ICP +

|∆TDSM[i]|
TREF

· ICP ·
ε

2
(5.30)

From (5.30), it can be seen that the distorted output can be decomposed into two parts: the

first term in (5.30) stands for the undistorted output that has the correct spectral shaping

while the second term, which is a rectified and scaled version of the first term denotes the

additive distortion. This type of distortion is even-order, and the equivalent distorted timing

error can be written as:

∆TDSM,dist[i] = ∆TDSM[i]+
ε

2
|∆TDSM[i]| (5.31)

As mentioned before, ∆TDSM can be approximated to Gaussian with zero mean, so its

variance can be computed as [17]:

σ
2
|∆TDSM| =

(
1− 2

π

)
·σ2

∆TDSM
(5.32)

|∆TDSM[i]| can be assumed white [16, 19] because full-wave rectification (i.e. taking the

absolute value of a signal) decorrelates the autocorrelation of signals [23, 24], and thus its
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two-sided spectral density can be approximated as:

S|∆TDSM| =
1

fREF
·
(

1− 2
π

)
·σ2

∆TDSM
(5.33)

By using (5.24), (5.31), (5.32), and (5.33), the regrowth phase noise floor caused by the

charge pump mismatch can be obtained by relating the timing error to phase error:

LDSM,ε(∆f ) =

(
fREF

fOUT

)2

·4π
2 ·

∆2
q ·σ2

∆TDSM/TVCO
·
(

ε

2

)2 (1− 2
π

)
fREF

(5.34)

By using (5.4), (5.15), (5.28), and (5.34), the combination of noise power from the input

clock buffer, the PFD, the feedback divider, the charge pump, and the DSM, LREF can be

obtained as:

LREF(∆f ) = LCLK(∆f )+LPFD(∆f )+LDIV(∆f )

+LCP(∆f )+LDSM(∆f )+LDSM,ε(∆f ) (5.35)

= 4π
2f2

REF ·

{
σ2

T,CLK

fREF
+

σ2
T,PFD

fREF
+

σ2
T,DIV

fREF

+
16kTγ

VOD,CP · ICP · fREF
·
(

TON,PFD +TVCO ·
∆q ·σ∆TDSM/TVCO√

2π

)(
1+

fc

∆f

)
+

∆2
q

12 · f2
OUTfREF

(
2 · sin

(
π∆f
fREF

))2L−2

+
∆2

q

f2
OUTfREF

·
(

σ
2
∆TDSM/TVCO

·
(

ε

2

)2
(

1− 2
π

))}
(5.36)
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Note that fc is a function of TON,PFD +TVCO ·
∆q·σ∆TDSM/TVCO√

2π
as indicated in (5.13). By

substituting (5.36) in (5.1), the output phase noise due to LREF(∆f ) can be obtained:

LSYN,REF(∆f ) =
∣∣∣∣ L(j2π∆f )
1+L(j2π∆f )

∣∣∣∣2 ·
{

4π2
(

σ2
T,CLK +σ2

T,PFD +σ2
T,DIV

)
f2
OUT

fREF

+
64π2kTγ · f2

OUT
VOD,CP · ICP · fREF

·
(

TON,PFD +TVCO ·
∆q ·σ∆TDSM/TVCO√

2π

)(
1+

fc

∆f

)
+

4π2∆2
q

12 · fREF

(
2 · sin

(
π∆f
fREF

))2L−2

+
4π2∆2

q

fREF
·
(

σ
2
∆TDSM/TVCO

·
(

ε

2

)2
(

1− 2
π

))}
(5.37)

Based on the results in chapter 4, the output phase noise of a PLL contributed by the LC-

VCO can be expressed as:

LSYN,VCO(∆f ) =
∣∣∣∣ 1
1+L(j2π∆f )

∣∣∣∣2 ·
{

kT
V′20
· rs

(
f0

∆f

)2(
1+ γ+

γ

4
·gmtailRPη

)}
(5.38)

where f0 is the oscillating frequency, rs is the series resistance of the inductor, which dom-

inates the loss. V′0 is the differential tank amplitude. gmtail is the transconductance of

the tail current source. RP is the impedance of the tank at resonance. η is the conversion

gain reduction factor caused by the voltage-limited operation. η equals one if the VCO

operates in the current-limited regime and approaches to zero when in the voltage-limited

regime. By summing up (5.37) and (5.38), the output phase noise of a delta-sigma modu-
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lated fractional-N PLL using an LC-VCO can be predicted based on the circuit parameters

of individual building blocks.

In addition to LC oscillators, other types of CMOS VCOs can also be used in a PLL,

such as relaxation oscillators and ring oscillators. The choice of VCOs depends on numer-

ous requirements, for example, tuning range, phase noise, power consumption, area,...etc.

The noise analyses for various types of oscillators can be found in some publications

[25–29]. A widely referred VCO Figure-of-Merit (FoM) has been proposed in [30] to

benchmark the performance of oscillators:

FoMVCO = −10 · log10

(
LVCO(∆f ) ·

(
∆f
f0

)2

· PD

1 mW

)
(5.39)

The anatomy of this FoM can be explained by using an angular modulation model. The

output of any type of VCO, VOUT,VCO(t), with a tuning gain of KVCO and an amplitude of

V0, can be written as follows:

VOUT,VCO(t) = V0 · cos(2π · f0 · t+Φm(t)) (5.40)

= V0 · cos
(

2π · f0 · t+2π ·
∫ t

−∞

KVCOV(t)dτ

)
(5.41)

where V(t) is the signal voltage applied at the VCO tuning node, and Φm(t) is the excessive

phase caused by the angular modulation. If V(t) and Φm(t) are sufficiently small, the PM

sideband due to V can be approximated by the spectrum of Φm(t). We further assume that
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the percentage tuning gain, Kf, is constant, i.e. KVCO equals to Kf · f0. From (5.41), the

s-domain representation of Φm(t) can be found:

Φm(s) =
2π

s
·Kf · f0 ·V(s) (5.42)

where V(s) is the Laplace transform of V(t). Based on (5.42), if V(t) is a noise voltage

vn(t) with a one-sided PSD Svn(∆f ), the one-sided PSD of Φm(t), which equals the VCO

phase noise LVCO(∆f ) due to the modulation of vn(t) can be derived as:

LVCO(∆f ) = SΦm(∆f ) (5.43)

= K2
f ·
(

f0

∆f

)2

·Svn(∆f ) (5.44)

With (5.43), we can define a normalized input-referred tuning voltage noise PSD as:

Sv,norm(∆f )
PD/1 mW

=
K2

f ·Svn(∆f )
PD/1 mW

(5.45)

= 10
−FoM

10 (5.46)

Note that Sv,norm(∆f ) equals the noise coefficient c introduced in [31]. In (5.45), the rela-

tionship between the FoM and the normalized input-referred noise PSD is shown. There-

fore the FoM indicates that with a given power consumption, lower the input-referred noise

PSD, better performance the VCO achieves. Take an LC-VCO for an example, the noise
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coefficient and the normalized input-referred noise PSD are:

cLC−VCO = Sv,norm,LC−VCO(∆f )

=
kT
V′20
· RP

Q2 ·
(

1+ γ+
γ

4
gm,tailRPη

)
(5.47)

Based on (5.47), many techniques for VCO noise optimization can be analyzed and com-

pared.

5.2 Brief Review of Circuit Techniques for Low Noise Fractional-

N Frequency Synthesis

Based on the results of the analysis presented in the previous section, we can compare many

different approaches that have been proposed to achieve low phase noise. The following

discussion focuses on some of the major noise contributors: the phase noise of the VCO, the

jitter in digital circuits like PFD and divider, the electrical noise from the charge pump, the

shaped phase noise by the delta-sigma modulation, and the phase noise spectral regrowth

caused by the charge pump mismatch.

Phase noise of VCOs dominates the output noise of PLLs at higher offset frequencies.

Many publications propose design techniques to achieve a low phase noise VCO. (5.47)

shows that the quality factor of the LC tank sets the phase noise performance of the oscil-

lator. In [32–34], design or process techniques are proposed to improve the quality factor
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of the inductor. An AC-coupled varactor is proposed in [35] to enhance the quality factor

of the varactor. A high-order LC tank is proposed in [36] to achieve a higher effective tank

quality factor. On the other hand, a larger amplitude can also lower down the phase noise

as indicated in (5.47). In [37], transformer feedback technique is used to let the tank nodes

swing beyond the supply rails so that the increased amplitude leads to high SNR. From

(5.43), reducing the power of the primary noise source can also lead to low phase noise

operation. In [38–40], noise filtering and current shaping techniques are implemented to

suppress the noise power that enters the LC-VCO.

For a low phase noise PLL, it is also very crucial to reduce the phase noise contributed

by other loop components. In (5.37), the first term indicate that reducing the jitter of the

clock buffer, the PFD and the feedback divider can achieve lower LSYN,REF(∆f ). In [41,42],

low power CMOS clock buffer topologies using momentary tri-state to reduce the short-

circuit power while achieving a sharper clock transition that reduces the jitter (see (5.2)).

In [43,44], additional flip-flop is added to re-synchronize the output of ripple dividers to its

input so that the jitter accumulated along the cascade structure is hence removed.

The second term in (5.37) denotes the phase noise contributed by the electrical noise of

the charge pump circuit during its active time. By increasing the charge pump current ICP,

the output-referred SNR of the output current is increased, so the phase noise contribution

is lowered. However, the impedance of the loop filter needs to be lowered accordingly. This

requires the filter have larger capacitors that occupy a larger area if the filter is implemented

on-chip. On the other hand, a higher overdrive voltage VOD,CP leads to lower gm, and
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therefore lower channel noise can be achieved. But a higher overdrive voltage results in

a smaller output voltage range for current sources, which exacerbate the mismatch of the

source and sink currents in the charge pump. Since the charge pump only generate electrical

noise during its active time, a shorter reset pulse TON,PFD in the PFD can reduce the amount

of noise pumped into the loop. In [45–47], fast charge pump circuits using source switching

and current steering topologies are implemented to achieve a shorter turn on time of the

currents. The discussed design techniques can be applied to both integer-N and fractional-

N PLLs.

For a delta-sigma modulated PLL, the designs of the fractional-N synthesis scheme can

greatly impact the phase noise performance of the PLL through several mechanisms. With a

higher order DSM, the instantaneous modulus spreads onto a larger range, and σ∆TDSM/TVCO

is larger as addressed in (5.23). Therefore, a lower order delta-sigma modulation design

leads to lower phase noise originating from the charge pump. The two-tap post-filtering

proposed in [16] can effectively reduce the spread of modulus.

A smaller quantization step ∆q can also shorten the active time of the charge pump so

that better phase noise performance is achieved. [48] uses dual-edge triggered flip-flops to

achieve a step of 0.5 in the feedback divider. This fractional divider halves the quantization

step, and suppresses the charge pump electrical noise in active time contribution by 3 dB.

The third term in (5.37) is the phase noise high-pass shaped by the delta-sigma modula-

tion. Without phase noise regrowth, a higher order modulation leads to better suppression

of closed-in phase noise. This term also shows that the reduction in quantization step also
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lowers the overall high-pass shaped phase noise. The results in [48] show that with ∆q =

0.5, the overall shaped phase noise can be reduced by 6 dB.

The last term in (5.37) represents the spectral regrowth caused by the nonlinearity of

the phase detection gain or, more specifically, the mismatch between the source and sink

currents in the charge pump. This term suggest a delta-sigma modulated fractional-N PLL

use a charge pump with smaller mismatch, ε, smaller quantization step, ∆q, and narrower

spread of ∆TDSM by a lower order DSM. In [47], an all-NMOS charge pump with matched

loads is implemented for a better matching. A self-correcting charge pump is proposed

in [49]. This charge pump corrects the mismatch caused by channel modulation and devices

mismatches in the current mirror.

In this section, several techniques for low phase noise charge pump fractional-N PLLs

have been reviewed. In the next section, a new fractional-N synthesizer architecture that ex-

ploits the nanoscale CMOS transistors for sub-100-fs cycle jitter ultra low noise application

will be proposed and analyzed.

5.3 Low Phase Noise Fractional-N Frequency Synthesis

Architecture

In nanoscale CMOS era, thanks to the scaled dimension, CMOS transistors are capable

of high frequency operation at lower power consumption, especially for high speed logic
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circuits. In addition, the improved lithography resolution reduces the circuit mismatch

due to the geometry. On the other hand, some properties of the nanoscale CMOS tran-

sistors aggravate the difficulties for analog and mixed-mode circuit design [50–52]. The

nanoscale channel length is prone to the channel length modulation effect, which is con-

sidered one of the most challenging design issues in nanoscale CMOS technologies. The

output impedance at the drain node degrades as the device dimension scales, and, as a re-

sult, output current matching of CMOS current sources becomes worse. The highly scaled

transistors also suffer from the threshold voltage fluctuation (mismatch) created by dis-

crete random dopant distribution (quantum) effects in the extremely scaled structure. But

large matched transistors have a high tunneling leakage current due to the ultra-thin gate

oxide. For example, in a 32-nm technology, the equivalent gate oxide thickness is about

one nanometer, which corresponds to only five silicon atoms thick. Higher threshold volt-

ages are used to lower down the leakage, but this inevitably reduces the available overdrive

headroom while the supply voltages are even downscaled. This low-overdrive scenario fur-

ther results in worse circuit matching and smaller range for linear operation. As a result, it

is imperative to mitigate the aforementioned design challenges by taking advantage of the

high speed and low power operation capabilities of the nanoscale transistors.
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5.3.1 Friis’s Formula for Phase Noise and Two-Step Fractional-N Fre-

quency Synthesizer

From the above discussion and the results in section 5.1.1, we can summarize the diffi-

culties in a low phase noise fractional-N charge pump PLL design using a scaled CMOS

technology. According to the second term in (5.37), a low noise charge pump circuit needs

a higher overdrive voltage VOD,CP. However, a higher VOD,CP leads to smaller output

voltage range for a CMOS current source. Furthermore, the low output impedance of the

current source transistors has a large variation in its output current which results in worse

matching (a larger ε) and larger nonlinearity. From the last term in (5.37), which stands

for the spectral regrowth of the high-pass shaped phase noise, we conclude that the in-band

phase noise increases due to poor current matching in nanoscale CMOS.

On the other hand, the nanoscale CMOS does enable some other alternatives for low

noise charge pump fractional-N PLLs. With the high frequency operation capability of the

extremely scaled transistors, it is possible to achieve a better phase noise performance for

the PLL without a high power penalty by aggressively increasing the reference frequency.

As indicated in (5.37) in the previous section, all the four phase noise contribution terms

in (5.37) can be reduced if a higher reference clock frequency fREF is used. The benefit of

using a high reference clock is that the equivalent higher sampling frequency lowers down

the noise spectral density of the building blocks in the PLL with a wider bandwidth. In

other words, the power of the jitters from different sources can be distributed over a wider
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Figure 5.4: The proposed two-step PLL incorporates a high multiplication ratio clock low
noise multiplier and a low ratio higher clock rate charge pump fractional-N PLL.

bandwidth of fREF as shown in (5.37), and therefore a lower noise spectral density can be

achieved. The reduced noise spectral density leads to lower phase noise. As a consequence,

with a reduced phase noise (spectral density), the integrated phase error can be reduced.

This can further translate to a lower output cycle jitter and a better timing accuracy.

However, the reference frequency is not an available design parameter in many sys-

tems. In addition, a very high frequency crystal is also too expensive to be considered an

economical solution. We propose the two-step fractional-N frequency synthesizer as shown

in Fig. 5.4 to achieve low phase noise fractional-N synthesis.

This architecture take advantage of the low phase noise of a clock multiplier and the ro-

bustness of a charge pump fractional-N PLL. In the proposed system, a clean low frequency

clock is first multiplied by a ultra low noise clock multiplier with a high multiplication fac-

tor, and then the multiplied clock drives the high clock rate charge pump fractional-N PLL

which has a low feedback divider ratio and a high speed DSM. The phase noise analysis of

this proposed frequency synthesis system is as follows.
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To simplify the analysis, a simple jitter to model is used to capture the behavior of a

cascade of multiple PLLs. The input-referred phase noise of the ith charge pump PLL with

a reference frequency fREF,i can be written as:

LIN,i(∆f ) = 4π
2f2

REF,i
σ2

IN,i

fREF,i
(5.48)

where σ2
IN,i is the equivalent input-referred cycle jitter. Assuming there are two charge

pump PLLs in a cascaded PLL systems, the output phase noise can be derived as:

LOUT(∆f ) = 4π
2f2

REF,1N2
1N2

2
σ2

IN,1

fREF,1
+4π

2f2
REF,2N2

2
σ2

IN,2

fREF,2

= 4π
2f2

REF,1N2
1N2

2
σ2

IN,1

fREF,1
+4π

2(N1fREF,1)
2N2

2
σ2

IN,2

N1fREF,1

= 4π
2f2

REF,1N2
1N2

2 ·

{
σ2

IN,1

fREF,1
+

σ2
IN,2

N1fREF,1

}
(5.49)

where Ni is the multiplication factor of the ith charge pump PLL, and thus the output fre-

quency fOUT = N1N2fREF,1 = N2fREF,2. In (5.49), the phase noise contribution by σ2
IN,2 is

reduced by a factor of N1. This means the noise contribution from the second PLL is sup-

pressed by the multiplication ratio of the first PLL. The result in (5.49) can be generalized
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for a cascade system of N charge pump PLLs as follows:

LIN,total(∆f ) = LIN,1(∆f ) ·
(

1+
1

N1

LIN,2(∆f )
LIN,1(∆f )

+
1

N1N2

LIN,3(∆f )
LIN,1(∆f )

+ · · ·
)

= LIN,1(∆f ) ·
(

1+
F2−1

N1
+

F3−1
N1N2

+ · · ·
)

(5.50)

Fi =
LIN,i(∆f )+LIN,1(∆f )

LIN,1(∆f )
(5.51)

The resulting (5.50) is the Friis’s formula for phase noise of cascaded PLL systems. The

noise factor for phase noise is defined as (5.51). The function of a PLL with a feedback

divider is to lock the output phase of the VCO to the input reference. Therefore, within

the loop bandwidth, a PLL is equivalent to a linear phase amplifier (LPA) that magnifies

the input phase by a factor of N, where N is the division ratio of the feedback divider. As

a result, the phase noise behavior of a cascaded PLL system can be described. Based on

this formula, it can be concluded that the phase noise (PSD) of a charge pump PLL can

be suppressed by a factor of N, if the input frequency is multiplied by N. Analogous to

a receiver with a low noise amplifier (LNA) at the very input to suppress noise from the

descending circuit blocks, the Friis’s formula for PLL phase noise suggest use a low phase

noise PLL (low noise phase amplifier, LNPA) to suppress noisier PLLs.

However, there is a significant difference between the Friis’s formulae for noise factor

and for phase noise. The Friis’s formula for the equivalent noise factor of a gain chain is:

Ftotal = F1 +
F2−1

G1
+

F3−1
G1G2

+ · · · (5.52)
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where Fi and Gi are the noise factor and the available power gain of the ith gain stage.

Note that the gain factor Ni in (5.50) is an amplitude gain whereas Gi in (5.52) is a power

gain. This is because the noise behavior of the PFD is based on a sequence of discrete

events, i.e. a sampling system. Unlike a continuous-time system, the sampled spectral

density of the noise is inversely proportional to the sampling frequency, and therefore the

phase noise caused by such discrete-time noise event scales linearly with the sampling

frequency (see (5.2), (5.3), (5.4), and (5.48)). As a result, the phase noise (power) can only

be suppressed by N rather than N2. This relationship holds for all type of digital phase

(frequency) detections.

From (5.37), it is clear that a charge pump fractional-N PLL is noisier than an integer-N

one. A low noise integer-N PLL, i.e. a clock multiplier can be implemented in front of the

fractional-N PLL to suppress its higher phase noise. Fig. 5.5 shows that most of the phase

noise contribution of a fractional-N PLL can be scaled by 1/N if the clock can be multiplied

by a factor of N.

In the following sections, we will introduce topologies for low noise clock multipliers

and propose circuit techniques exploiting the property of nanoscale CMOS transistors to

achieve ultra-low phase noise multiplications.
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Figure 5.5: Most of the phase noise contribution in a fractional-N PLL can be scaled by
1/N if a N-times higher frequency clock can be used. The high-pass phase noise sidebands
from the delta-sigma modulation can be reduced by 1/N2L−1.
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5.3.2 Sampling Phase-locked Loop

A wideband high-speed sampler can be used as a phase detector to lock a VCO to an

inter multiple of the sampling frequency [53]. This type of PLL is called sampling PLL,

which is depicted in Fig. 5.6). Sampling PLLs are commonly used in high performance

sampling oscilloscopes, which need very low noise and speed sampling speed [54]. Step-

recovery diodes, which are capable of generating a very short pulse have been used for

these wideband samplers for phase detection in ultra low noise clock generation systems.

In nanoscale CMOS era, the transistors with nanometer channel lengths achieve very

low turn on resistance and parasitic capacitance, and so these highly scaled MOSFETs can

be used in high performance samplers. As a result, nanoscale CMOS transistors can be

exploited to achieve a high performance for low noise sampling PLLs.

A sampling PLL uses a wideband sampler to directly (sub)sample the output voltage

of the VCO oscillating at RF frequencies N · fREF by a much slower clock frequency fREF.

When the VCO is locked by the sampling PLL with a charge pump, its tune node stays con-

stant, which means no extra charge flows into the loop filter. The above condition requires

that the phase detector output (the sampled voltage) must equal zero, and the sampling

instances align with the zero crossings of the VCO.

To analyze the small signal behavior of the sampling PLL, we first assume that the PLL

operates around phase locking, where the VCO frequency is fVCO = N fREF , and With a

small phase perturbation φ in the VCO at the nth sampling instance, the sampled voltage is
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equal to:

VS(nTREF) = V0 · sin(2πfVCO(nTREF))+φ)

≈ V0 ·φ (5.53)

where TREF = 1/fREF, and V0 is the amplitude of the VCO. As a result, within the lock-

in range of the PLL, the sampled voltage is approximately proportional the phase difference

between the VCO and the corresponding harmonic of the reference clock (2πNfREFt=2πfVCOt).

The effective phase detection gain is equal to the slope of the sampled VCO signal at the

sampling instances:

KPD(s) = V0 ·Gm ·ZOH(s) (5.54)

where Gm is the transconductance. ZOH(s) =
(
1− e−sTREF

)
/sTREF is the zero-order hold

function of the sampler. Based on (5.53) and (5.54), the equivalent phase domain model can

be obtained as illustrated in Fig. 5.7 [2,55]. Note that there is a factor of N between the ref-

erence input and the loop. This N factor is created by the aliasing effect of (sub)sampling.

However, the phase noise domain model in Fig. 5.7 does not take into account the fre-

quency of phase comparison operation – the reference frequency. Therefore, the model

assumes the bandwidth of the loop can be higher than the reference frequency.

We redraw Fig. 5.7 in z-domain by adding an additional divide-by-N to the VCO phase
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Figure 5.6: A sampling PLL use a wideband sampler to (sub)sample the output of the
VCO running at an RF frequency N · fREF by a much lower sampling frequency fREF. The
ratio N between the two frequencies is an integer.

Figure 5.7: The phase domain model of a sampling PLL.
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and feed it back to the input before the multiply-by-N. The modified phase domain model

for a sampling PLL is shown in Fig. 5.8(a). The model in Fig. 5.8(a) can be further trans-

formed to s-domain as illustrated in Fig. 5.8(b)). This modified model resembles a PLL

with a feedback divider, but it clearly shows the difference between a sampling PLL and a

conventional PLL with a feedback divider. The effective phase detection gain, N ·KPD, in

the dashed-line box is analogous to the phase detection gain in a PLL when a divide-by-N

is used to scale the VCO phase. The extra factor suppresses the noise contribution of φn,PD,

in,Gm, and vn,Z. This further means that the phase detection gain in a sampling PLL is N

times larger than that of a PLL with a feedback divider with a modulus of N.

Besides the higher phase detection gain that can suppress the noise from the subsequent

stages, a (sub)sampling PLL can also eliminate the need for the feedback divider. This im-

portant property completely removes the phase noise contribution from the divider. How-

ever, the sampling PLL only has a limited lock range and locks the VCO frequency to any

integer multiple of the reference if the VCO tuning is wider than the reference frequency;

therefore, an additional locking aid is necessary for a sampling PLL to operate properly at

the desired frequency. In [2], a charge pump PLL with a programmable feedback divider

and a PFD is used to lock the VCO to the wanted frequency and force the VCO phase to

move toward the reference phases for proper sampling operation. An intended dead zone

is implemented to break the feedback of this charge pump PLL so that the sampling PLL

can completely take over the loop.

Due to the sampling operation, the phase noise of the VCO can be aliased to low offset
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(a)

(b)

Figure 5.8: (a) The z-domain model of a sampling PLL in Fig. 5.7. Note that the sampling
frequency in this model is fREF; (b) the s-domain model equivalent to Fig. 5.8(a).
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frequencies. This phenomenon, which will be explained and analyzed later, causes the PLL

fail in suppressing VCO phase noise when the offset approaches zero. Although [56–58]

conclude that using discrete-time PLL models for loop analysis can achieve better accu-

racy, the approaches proposed in those works cannot capture the aforementioned aliasing

effect of the (sub)sampled VCO phase noise. For the sake of simplicity, we will use the

continuous-time model shown in Fig. 5.7 [2] to incorporate the aliased phase noise of the

VCO.

For a (sub)sampling PLL, in spite of the relatively high sampling frequency, the band-

width of the sampler still needs to be sufficiently high to prevent the RF signal from atten-

uation. The sampling operation aliases the phase noise at the offset frequencies of fREF,

2 · fREF, 3 · fREF,... back to DC and creates a phase noise floor, which equals to:

LVCO,aliased = LVCO(fREF) ·
∞

∑
k=−∞

1
k2

= LVCO(fREF) ·
π2

3
(5.55)

The factor π2/3 in (5.55) equals 5.17 dB in power. Here we assumes that the bandwidth of

the (ideal) sampler is infinite, and that the VCO has a 20-dB/dec roll-off from and beyond

the offset frequency of fREF. Fig. 5.9 illustrates the resulting the phase noise floor due to

aliasing.

In fact, the aliasing within 40 Nyquist zones (from −20 · fREF to +20 · fREF) is already

sufficient to include 95% of the aliased power in the band-unlimited scenario. This further
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Figure 5.9: The wideband sampler aliases the phase noise sidebands at offsets equal to any
integer multiples of the sampling frequency (fREF) back to DC, and therefore an additional
phase noise floor appears at the output of the sampler. The resulting output phase noise
shows that response seen by LVCO deviates from the ideal high-pass transfer function.

means that when the ratio between fOUT and fREF is no less than 20, (5.55) can give a

reasonably good approximation.

Since the aliased phase noise floor is caused by the wideband sampler, the floor derived

in (5.55) can be seen as additional input-referred phase noise added to the input of the

sampler as shown in Fig. 5.9. As a result, the aliasing of the wideband sampler contributes

additional in-band phase noise to the PLL. Similar effects can also be observed in PLLs

using digital phase (frequency) detectors, but the noise from the PFD and the charge pump

can be so high that it overrides the aliased phase noise floor, and therefore such effect is not

pronounced. However, in a sampling PLL, the phase noise of the phase detection is much

lower than that of a conventional PLL with a feedback divider, the aliased phase noise floor

cannot be ignored in an ultra-low phase noise design.

Based on the previous discussion of the sampling PLL, it can be seen that the limited
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Figure 5.10: The phase domain model of a sampling PLL with an auxiliary charge pump
PLL.

operation region of the sampling detector can cause reliability concerns. For example,

if an unexpected spike couples to the tuning node of the VCO, the voltage short pulse

causes a sudden phase shift of the VCO phase, which forces the PLL to leave the normal

operation region or even enter a gain region whose gain polarity alters the negative feedback

to positive. By adding a auxiliary charge pump PLL to the sampling PLL as shown in

Fig. 5.10 can relieve this problem. The charge pump PLL can extend the locking range

of the sampling PLL. Since the combined phase detection gain N ·KPD +KPFD/CP is very

large, the additional noise in,CP from the charge pump can be well suppressed so that the

overall phase noise performance is not degraded.

5.3.3 Injection-Locked Phase-locked Loop

Other than sampling PLLs, injection-locked PLLs with LC-VCOs can also be used as low

noise clock multipliers. Depending on the operation of the tracking PLL in such systems,
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the injection-locked PLL can be divided into two groups: closed-loop and open loop. The

injection locking operation of these two approaches are the same. They both use periodical

narrow pulses to turn on a switch to short the oscillator or reset its states at reference edges

so that the zero-crossings of the oscillators are forced to align to the reference edges. As a

result, the oscillator is sub-harmonically injection-locked by the reference clock. However,

the former uses an edge triggered PLL to lock the VCO edges to the reference edges, and

the PLL stays active when the VCO is injection-locked by the pulses. The latter only uses

a PLL or FLL to center the free running frequency of the oscillator to the target frequency.

When the oscillator is injection-locked by the reference, the phase-locked loop is open, and

therefore only the injection locking maintains the tracking of the oscillator phases.

In [4, 59], the PLL breaks the feedback loop of the ring oscillator and multiplexes a

clean reference edge into it to reset the states. This system is closed-loop type because the

injection locking or phase realignment is done when the PLL is still active. Because there

is an offset between the phases of the oscillator and the injection signal due to the delay

mismatch of buffers, the mis-aligned injection instance results in sub-optimal noise perfor-

mance. This effect is especially pronounced for a high frequency VCO, whose injection

timing is very sensitive to the delay mismatch, and thus an additional tunable delay is pro-

posed and implemented in [4] to achieve better alignment. The work in [3] uses a digital

tuning loop with a high resolution TDC to track the VCO. Since the instantaneous period

without being reset by the injection pulse is the free running period. The TDC measures the

difference between the injection-altered and the free running period on the fly to capture the



241

deterministic jitter. By correlating the differences, the digital loop tunes the VCO so that

the difference is minimized. Such approach greatly reduces the deterministic jitter which

appears as reference spurs in the spectrum. But the in-band phase noise of the locked VCO

is dominated by the quantization noise of the TDC. On the other hand, the digital tuning

loop can be disabled after the free running frequency has been properly centered to the

desired integer-multiple of the reference. Such operation becomes open-loop type and the

in-band phase noise is greatly reduced at the cost of higher reference spurs.

The noise analysis of an injection-locked oscillator by re-alignment has been presented

in [59]. The injection-altered periods is characterized by a factor beta, which is related to

the efficiency of injection locking. Given a fixed pulse width TP that turns on the resetting

switch, β can be approximated as:

β ≈ 1− e−
TP

rON·Ctank (5.56)

where rON and Ctank are the turn-on resistance of the alignment switch and the tank capac-

itance, respectively. For an oscillator injection-locked by discrete re-alignment events, the

locked phase can be represented as [59]:

Φlocked(z) =

(
1− β

1+(β−1)z−1

)
ΦVCO(z)+

N ·β
1+(β−1)z−1 ΦREF(z) (5.57)

where ΦREF, ΦVCO, Φlocked are the phases of the reference clock, the VCO in free running,
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and the VCO being injection-locked. β is the injection efficiency which denotes to the

suppression of the error between the reference and the VCO phases, or, in other words,

1−β is the percentage residue of the phase error.

According to (5.57), for an injection-locked oscillator, its free running phase noise is

multiplied by a factor of 1− β

1+(β−1)z−1 , which introduces a first order high pass frequency

response. The DC zero in the high-pass response counteracts the integration (i.e. a DC

pole) of the free running phase errors in the oscillator. Therefore, within the locking band-

width, the noise sources in the oscillator will not be integrated.

In order to ease the analysis of a PLL with an injection-locked VCO, the transfer func-

tions in s-domain can be found by using (5.57). Fig. 5.11(a) shows the system diagrams of

the closed-loop and open-loop type injection-locked PLLs in s-domain. N ·Ginj(s) denotes

the transfer function of the feed-forward path of the reference phases while the effect of the

phase alignment can be characterized by N ·
(
1−Ginj(s)

)
.

Ginj(s) =
β · e−s TREF

2

1+(β−1)e−s·TREF

sin(−j · s ·TREF/2)
−j · s ·TREF/2

(5.58)

From (5.56) and (5.58), it is clear that the phase noise performance of the injection-locked

LC-VCO is improved if a smaller rON can be achieved. In nanoscale CMOS technologies,

transistors performance is very limited in saturation region while, on the other hand, MOS-

FETs become better switches and have smaller turn-on resistance. Therefore, injection-
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(a)

(b)

Figure 5.11: (a) The s-domain model of an injection-locked VCO. Note that Ginj(s) de-
pends on the injection efficiency β and the sampling frequency fREF; (b) The s-domain
model of a charge pump PLL with an injection-locked VCO.

locked VCO is very suitable for high performance clock multiplier implemented in nanoscale

CMOS technologies.

The LC-VCO used in the injection lock PLL has an inductance of 6.75 nH. With a

turn-on resistance of 50-ohm, a resetting pulse-width of 95 ps, and the tank capacitance of

0.95 pF, β has a simulated value of 0.86.
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5.3.4 High Oversampling Ratio Fractional-N PLL

With the low noise and high multiplication ratio clock multiplier presented in the previous

section, a gigahertz range clock with high purity is available to serve as the reference of

a fractional-N PLL. As described in section 5.1.1 and 5.3, higher clock frequency can

spread the noise power of the noise sources in the fractional-N PLL onto a larger Nyquist

bandwidth so that the phase noise (density) from the noise contributors in the PLL can be

lowered. Therefore, clock multiplier effectively suppresses the noise contributed by the

PLL. The concept of such architecture is similar to the gain and noise factor distribution

along a cascade of gain stages.

The proposed system uses a 40-MHz clock and synthesizes clock signals from 11 GHz

to 12 GHz with fractional-N synthesis capability. MASH-1-1-1 is chosen because of its

guaranteed stability for any input values. However, its output can spread from N-3 to N+4,

where N is the integer part of the desired division ratio. For a three-stage truly modu-

lar divider, the modulus can only cover from 8 to 15, and therefore the clock rate of the

fractional-N PLL is designed to be 1 GHz in order to ease the divider design. To further

limit the area occupied by the lower frequency LC-VCOs, based on the LC-VCO scaling

scheme presented in the second chapter, the clock is first up-converted from 40 MHz to

2 GHz, and an additional divide-by-2 is inserted to output the desired 1-GHz clock.

If the clock frequency can be increased from 40 MHz to 1 GHz by a low noise multipli-

cation, the noise power from the high speed fractional-N PLL can be suppressed by a factor
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of 50. However, to operate the fractional-N PLL with a high speed delta-sigma modulator

with 1-GHz clock, the speed of the loop components is very critical.

A phase frequency detector with dynamic logic and a current-steering charge pump are

used to achieve high speed phase comparison. To achieve a fractional division ratio by

delta-sigma modulation at a modulation speed of 1 GHz, there are a few major challenges:

the clocking speed of divider and the DSM, the speed of real time modulus modulation,

and the speed of digital delta-sigma modulation. To achieve a high power efficiency and

high speed operation for a programmable divider simultaneously, the cascaded structure

proposed in [60] is used to scale the power and frequency accordingly in different stages of

divider cells.

To implement a high speed DSM, a pipelined structure in [61] is used to limit the trans-

portation delay from the full adder in the accumulator (or integrator). With such topology,

ripple adder can be used to achieve lower power consumption compared to carry look

ahead adders. The 1-GHz DSM is 24-bit, which corresponds to a frequency resolution of

1 GHz/224 ≈ 0.06 kHz. However, if the speed of the modulus modulation cannot achieve

gigahertz operation, the modulated divider fails to provide correct fractional division ratio

as well as a correct noise shaping. The critical delay is the latency from the divided clock

output to the modulus input of the divider. Along this path, there are multiple factors that

limit the tolerance of the delay: the latency due the traces between the divider and the DSM,

the clock-to-output delay in the DSM, and the variable clock cycles of the modulation.

To prevent the massive switching noise in the high speed modulator from contami-
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nating the signal purity, the layout placement of the DSM must be away from all of the

sensitive circuit blocks. As a result, the traces between the divider and the DSM are so

long that the resulting latency can be a significant portion of the timing budget. Buffers are

inserted along the trace to relay the signal while flip-flops close to the divider are needed

to synchronize the modulus control signal sent from the DSM locally.

The high speed DSM needs a complicated and deep clock tree to drive a large amount of

flip-flops in its pipelined structure. As a consequence, the depth of the clock tree increases

the clock-to-output delay of the DSM. A group of flip-flops directly triggered by the DSM

input clock are inserted at the output of the DSM to reduce this delay.

In a factional-N PLL with a low division ratio, the change in the instantaneous cycle

of the divider output is drastic. For example, in the proposed system where the output

frequency ranges from 11 GHz to 12 GHz, the nominal division ratio is around 10. With a

third order MASH-1-1-1 DSM, the instantaneous division ratio varies from 8 to 15, which

correspond to a range from 667 ps (8/12 GHz) to 1364 ps (15/11 GHz) of DSM clock

cycle. The above example indicates that the timing budget of the modulation can also

change maximally by two times. Hence the worst-case scenario needs to be accounted in

the timing analysis. Fig. 5.12 illustrates the insertion of additional buffers and flip-flops

to solve the problems described previously, and therefore sufficient timing slacks can be

maintained.
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Figure 5.12: Additional buffers and flip-flops are inserted to meet the stringent requirement
of the timing budget in high speed fractional divider modulation.

5.4 Experimental(Simulated) Results

A prototype sampling PLL operating at 1.55 GHz with a 10-MHz reference clock is im-

plemented in a 0.18-um SiGe BiCMOS technology. The measured phase noise perfor-

mance is shown in Fig. 5.13. It achieves a multiplication factor of 155 and a phase noise

of -112 dBc/Hz at a 100-kHz offset frequency. The equivalent phase detector FoM is -

226 dBc/Hz.

Two prototype two-step PLLs are designed in 65-nm low leakage CMOS technology.

They both have the same frequency planning. One uses a sampling PLL as the clock

multiplier while the other one adopts an injection lock PLL instead. The low noise high

ratio clock multipliers both use a 40-MHz clock and output 2-GHz RF clock signals. The

simulated phase noise performance of the 2-GHz sampling PLL with a 40-MHz clock is

shown in Fig. 5.14. It achieves a multiplication factor of 50 and an in-band phase noise of
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-132 dBc/Hz. On the other hand, the simulated phase noise of the 2-GHz injection-locked

PLL operating at 2 GHz with a 40-MHz reference clock is shown in Fig. 5.15. It achieves

-139 dBc/Hz at 1-MHz offset.

The simulated output phase noise of the two-step PLL with a sampling-PLL-based

clock multiplier is shown in Fig. 5.16. It can be seen that the in-band phase noise is still

dominated by the PFD and the charge pump, but their contribution has been well suppressed

by the high speed clock. With a loop bandwidth of 250 kHz, the contribution from the LC-

VCO is roughly 50%. This arrangement results in minimal integrated phase error as well

as the cycle jitter. The resulting integrated phase error at 11-GHz output frequency is -

45.4 dBc, which is equivalent to 0.31 degree or 5.39 mrad. The cycle jitter is 78 fs.

The simulated output phase noise of the two-step PLL with an injection-locked PLL is

shown in Fig. 5.17. It can be seen that the in-band phase noise is still dominated by the

PFD and the charge pump, but their contribution has been well suppressed by the high speed

clock. It uses the same loop bandwidth as the other two-step PLL, and the contribution from

the LC-VCO is also roughly 50%. The resulting integrated phase error at 11-GHz output

frequency is -45.6 dBc, which is equivalent to 0.30 degree or 5.26 mrad. The cycle jitter is

76 fs. The overall phase noise of the two-step PLL with an injection-locked clock multiplier

is slightly better because it introduce lower phase noise peaking at offset frequencies around

1 MHz.
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Figure 5.13: A prototype sampling PLL implemented in a 0.18-um SiGe BiCMOS technol-
ogy is characterized. The output phase noise (black curve) achieves -112 dBc/Hz in-band
when the output frequency is locked at 1.55 GHz. The red curve is the measured phase
noise of the reference clock while the blue one is the phase noise of the reference scaled up
to the RF frequency.
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Figure 5.14: A prototype sampling PLL designed in a 65-nm CMOS technology is simu-
lated. Dashed blue curve is the phase noise of sampling PLL. The brown, black, red, and
green curves are the contributions from the reference clock, sampling PD, 2-GHz LC-VCO,
and the third order passive R-C low pass loop filter.
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Figure 5.15: A prototype injection-locked PLL designed in a 65-nm CMOS technology
is simulated. Dashed blue curve is the phase noise of injection-locked PLL. The brown,
black, red, and green curves are the contributions from the reference clock, tracking PFD,
2-GHz LC-VCO, and the loop filter.
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Figure 5.16: A prototype high OSR two-step fractional-N PLL with a sampling PLL clock
multiplier is designed in a 65-nm CMOS technology and simulated. Black solid curve is
the overall phase noise profile. Pink solid curve is the contribution from the 2-GHz clock
multiplier with a divide-by-2 circuit. Black dashed-dot curve is the contribution from the
PFD jitter. Brown solid curve is the contribution from the charge pump. Red dashed curve
is the contribution from the 11-to-12-GHz LC-VCO. Blue dashed curve is the contribution
by the loop filter. Green solid curve is the contribution from the DSM.
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Figure 5.17: A prototype high OSR two-step fractional-N PLL with an injection-locked
clock multiplier is designed in a 65-nm CMOS technology and simulated. Black solid curve
is the overall phase noise profile. Pink solid curve is the contribution from the 2-GHz clock
multiplier with a divide-by-2 circuit. Black dashed-dot curve is the contribution from the
PFD jitter. Brown solid curve is the contribution from the charge pump. Red dashed curve
is the contribution from the 11-to-12-GHz LC-VCO. Blue dashed curve is the contribution
by the loop filter. Green solid curve is the contribution from the DSM.
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5.5 Conclusions

In this chapter, we have presented the phase noise analysis of a conventional fractional-N

charge pump PLL. Based on the results, the benefit of using high frequency clock in such

PLL is explained by introducing the Friis’ formula for the phase noise in a cascaded PLL

system. We proposed a two-step PLL architecture for ultra low phase noise fractional-N

frequency synthesis. The proposed system is composed of a low noise clock multiplier

that up-converts a low frequency clock to gigahertz range for a ultra high oversampling

ratio fractional-N PLL. A prototype sampling-PLL-based clock multiplier is designed and

implemented. It achieves a multiplication factor of 155 and -226 dBc/Hz of FoM. Two

prototype two-step PLLs are also designed. One uses sampling PLL, and the other uses

an injection-locked PLL as the clock multiplier. Both systems have a simulated cycle jitter

around 78 fs. The presented architectures are suitable for applications that need very low

jitter or integrated phase error, such as the clock generation for high speed data converters

or communication systems using very complicated modulation scheme like 1024 or even

4096 QAM.
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Chapter 6

Conclusion and Future Work

Extensive research efforts have been continuously spent to seek solutions for the challenges

in circuit designs in future scaled CMOS technologies. To study the problems and propose

design techniques to overcome a variety of design issues in analog, mixed-mode, and high

performance RF circuit systems, this thesis uses an RF frequency synthesizer as a research

vehicle, which covers from RF to low frequency, and from analog to digital as well.

We have proposed, analyzed, and demonstrated solutions to the challenges in four crit-

ical aspects of RF frequency synthesizer designs in nanoscale CMOS: voltage scaling, area

scaling, ultra-wide frequency coverage synthesis, and ultra-low noise fractional-N synthe-

sis. The summary of each aspect will be made in section 6.1. Some other possible directions

for extended studies will be discussed in section 6.2.
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6.1 Summary of Solutions to Synthesizer Design Challenges

in Scaled CMOS

In chapter 2, we discussed the design challenges associated with supply voltage scaling in

RF analog and mixed-mode circuits. Because designing RF analog front-end circuits from

an ultra-low supply voltage with the same CMOS transistors used by the digital circuits is a

key requirement to achieve a low cost communication SoC, the robustness concerns raised

from the AC stressing in the VCO and speed reduction due to the limited overdrive must

be carefully dealt with.

Two ultra-low voltage 2.5-GHz RF synthesizers for LO generation and two-point GFSK

modulation have been implemented to demonstrate the proposed design techniques for true

ULV circuits. A standard 90-nm CMOS technology without any RF-enabling process op-

tions is used. In order to prevent aging and soft-breakdown by AC stressing in the LC-VCO,

a top-biased VCO with proper sizing is used so that all the voltages across any internal junc-

tions can be kept within the supply rails. An optimal RSCE-based sizing combined with

forward body biasing scheme is used to adjust the threshold voltages for ULV operation.

The threshold voltages are designed so that the transistors in the SCL latches in the high-

speed programmable divider are all biased at a medium to high inversion level. Therefore,

the performance of the divider can be optimized for ULV operation. A pipelined structure

is implemented in the high-resolution digital delta-sigma modulator. The long accumula-

tors are meshed into 8-bit pipelined cells to guarantee high clock speed capability while
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operating from an ultra-low voltage supply. The measured performance of the two-point

modulator shows that 2-Mbps data transmission with 6-mW power consumption is achiev-

able for the proposed prototype circuits. The measured results further show that the ULV

synthesizer using an LC-VCO up to 5 GHz for 2.5 GHz I/Q LO generation can achieve a

phase noise performance of -127 dBc/Hz at a 3-MHz offset frequency.

Since area scaling of digital circuits can be achieved without too much degradation in

signal integrity, it is a critical driver for lowering the costs of CMOS ICs. On the other

hand, area scaling of analog circuits, especially RF front-ends is becoming an emerging

need for area-efficient RF communication SoCs. Chapter 3 presents a detailed analysis on

the possibility of achieving area scaling for the LC-VCO, which is the most critical building

block of a synthesizer that dominates the noise performance and occupies a appreciably

large silicon area.

For an LC oscillator, the noise performance is set by the quality factor of the tank. On

the other hand, the quality factors of the inductor and capacitor change with the frequency

of interest. In the analysis, we conclude that by keeping the quality factor the same while

increasing the tank resonance frequency, it is possible to scale an LC oscillator to have

higher oscillating frequency but with the compatible performance (the same FoM). With

such scaled LC oscillator, an additional divider can be added to achieve the same output

frequency and the desirable phase noise without degradation. If geometrical (uniform)

scaling is used to scale the inductor, the area needed by the LC-tank can be reduced by a

factor of N2 when the frequency of the LC oscillator is scaled up by N times. Because the
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power consumption of the digital frequency divider reduces when the technology improves,

the proposed scaling methodology is suitable for future scaled CMOS technologies.

Simulations of LC-VCOs using various types of inductors and technologies are carried

out to validate the proposed scheme. The quality factors of the scaled inductors, capacitors,

and the LC-tanks are kept the same, and so is the impedance at resonance. Therefore, the

amplitude of the oscillation only change marginally when same supply voltage and biasing

current are used. The simulated results show that with the same type of tanks but with

different scaling factors, the oscillators achieve the same FoM. When FoMA is concerned,

only the oscillating frequency matters. In sum, high area-efficiency can be achieved by

higher frequency operations. The simulated power overhead from the additional divider is

less than 5% of the core oscillator so that the penalty can be assumed negligible in future

technologies.

In a fully integrated analog PLL, the large capacitors required in the passive loop filter

is another key contributor of silicon area, and the size is set by the required loop response.

In spite of the increasing density of on-chip capacitors, these capacitors still occupy a sig-

nificant amount of area. A special layout structure named stacked capacitor-inductor is

proposed to reduce or even completely eliminate the area needed by the large loop capaci-

tor. The two-plates of the capacitor in such structure can even provide short-circuited paths

to shield the lossy substrate so that the quality factor of the inductor can be increased (10%

in simulation) compared to a stand-alone inductor. The voltage ripples on the top plate of

the capacitor is attenuated by the large time constant created by the R and C for the stabliz-
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ing zero in the loop filter, and therefore no additional spurs are expected in the proposed

PLL architecture.

A wideband 2 to 2.5-GHz analog PLL is implemented to demonstrate the proposed

scaling scheme and stacked capacitor-inductor structure. An advanced 45-nm low power

(LP) CMOS technology is chosen to provide superior transistor speed that enables the

frequency scaling scheme. The implemented PLL has a fully integrated LC-VCO and an

on-chip passive R-C loop filter. The oscillating frequency is scaled from 2.5 GHz to 10 GHz

(4x). As a result, the size of the LC tank is reduced to 1/16 of the size needed for the same

noise performance. The stacked capacitor-inductor further reduces the area by additional

35%. The PLL achieves an ultra-compact size of 280 um by 150 um and phase noise of

-120 dBc/Hz at a 1-MHz offset for 2 to 2.5-GHz outputs.

In addition to narrow band or multi-band operations, some emerging applications re-

quire RF synthesizers be capable of generating signals covering a wide and continuous

frequency range as well as reliable and uncompromised noise performance. In chapter

4, a rigorous analysis is provided to show the required properties for such wide coverage

synthesis system.

To achieve a continuous range from 32 GHz and down to close to DC, an architec-

ture using an octave-wide fractional-N synthesizer with post-synthesis is proposed. If the

synthesizer can provide an octave-wide coverage, the post-synthesis can be achieved by

division or multiplication by a factor of two’s power to extend the coverage to arbitrarily

wide. The coverage of the synthesizer is designed to be from 8 to 4 GHz. Since the noise
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performance cannot be sacrificed for wide frequency coverage, VCOs using LC tanks are

chosen instead of ring oscillators to be integrated with the octave-wide synthesizer.

Even with such a reduced tuning range, it is still very challenging to use a single LC-

VCO in the synthesizer because the noise performance is required to be stable for all syn-

thesized frequencies. In the proposed system, a constant output cycle jitter is desired. This

is equivalent to having the phase noise scaling quadratically with the frequency. Based on

the required scaling properties of the phase noise and the operation of the PLL, the LC tanks

in the synthesizer should have a quality factor with a limited variation. A constant tank Q

can be maintained only if the inductance and capacitance scale together when the resonance

frequency changes. However, making programmable on-chip planar inductors to center the

resonance frequency is impractical for two reasons: first, the inductor is the dominant loss

contributor in the tank, and its quality factor is very sensitive to any parasitic resistance.

Adding circuits to configure the inductor inevitably adds parasitic and degrades the noise

performance. Second, inductors are difficult to be turned ”off” because the winding struc-

ture can affect the adjacent electrical and magnetic fields no matter its metal routing is

floating or grounded. In most cases, only capacitors are made programmable to change

the resonance frequency, and the resulting quality factor scales with 1/
√

C. For the above

reasons, multiple LC-VCOs are used to keep the change of the tank Q under control when

capacitors are used to tune the resonance.

Another key requirement for constant cycle jitter is a stable loop gain when the PLL

is tuned across a wide range of frequencies. Such loop response together with the desir-
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able phase noise scaling property can maintain the same spectral shape of the phase noise

and the integrated phase error scaled quadratically with the frequency. This chapter uses

an ultra-wideband signal source implemented on a single chip in a 0.18-um SiGe BiC-

MOS foundry technology covering 125 MHz to 32 GHz to demonstrate the concept of

the proposed architecture. The change in the quality factor is kept less than 10%, and the

measured cycle jitter is about 1 ps. This integrated circuit allows to implement a complete

ultra-wide-range frequency synthesis source with a very small PCB footprint.

In chapter 5, we target the challenges for very low phase noise fractional-N synthesis,

which is needed by high performance systems such as high-speed wireless data links using

a complicated carrier modulation scheme. The presented analysis for a generic fractional-

N synthesizer using delta-sigma modulation indicates that the properties of several in-band

phase noise sources are closely related to the Nyquist (or clock) frequency: the spectral

density of the jitter-related noise from the PFD and the divider can be lowered by spreading

to a larger Nyquist bandwidth. The electrical noise from the charge pump circuits during

the active time can also be considered an equivalent jitter due to the periodical pulse mod-

ulation. The attenuation of the noise shaping improves with higher clock rate. The noise

floor caused by the charge pump nonlinearity can be spread to wider Nyquist bandwidth

with a lower average density.

In other words, the effect of higher clock frequency is equivalent to a higher oversam-

pling ratio by which the phase noise power can be distributed onto a wider bandwidth, and

lower power spectral density is obtained. Based on this concept, a two-step fractional-N
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PLL with a very high oversampling ratio is proposed. This architecture uses a low noise

clock multiplier to increase the oversampling ratio of the second PLL. From the signal

point of view, the proposed frequency synthesis system can be treated as a cascaded phase

amplifier. It has a high gain and low noise phase amplifier (LNPA) in front of the noisier

fractional-N synthesizer whose noise can be suppressed by the high gain. Such system

is suitable for nanoscale CMOS implementation because the dynamic power of the high

frequency clock circuitry can be reduced if nanometer transistors can be used.

Chapter 5 further presents two implementations of the proposed system. One uses a

sampling PLL as the low noise clock multiplier while the other uses an injection-locked

PLL. The two-step PLLs are simulated to achieve sub-100-fs cycle jitter performance. A

prototype sampling PLL with a high multiplication ratio of 155 is also implemented in a

0.18-um SiGe BiCMOS technology and has a measured PFD FoM of -226 dBc/Hz. This

prototype can be used as the multiplier in the proposed two-step PLL systems.

6.2 Possible Directions for Extended Studies

For ultra low voltage synthesizers, it is also important to provide high scalability for dif-

ferent supply conditions. The proposed biasing scheme in chapter 2 only guarantees the

optimal operation condition in an ultra-low voltage scenario. This means that if the avail-

able supply voltage changes significantly, such solution can become sub-optimal. High

scalability in supply voltage is desirable in a battery-constrained environment. When the
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capacity of the battery reduces over time, the available voltage is lowered accordingly, and

ULV circuit system may drain unnecessary power at voltages other than ULV.

In addition, since the threshold voltage needs to be engineered for the ULV operation,

the effects of threshold voltage mismatch and variation have to be minimized for circuit

robustness, and thus a compensation scheme is needed to maintain the biasing condition.

Chapter 2 does not propose a solution to mitigate the charge pump linearity degradation

caused by voltage scaling. There are some approaches to reduce this effect: for example,

using dual-edge triggered dividers, which effectively reduce the quantization step by a

factor of two [1].

If the synthesizer is used for LO generation, a faster transition slope is critical to have

lower output noise from the switching pairs in the down-conversion mixer. For sinusoidal

outputs, the slope is proportional to the available amplitude of the LC-VCO, and is therefore

very limited in an ULV environment. A harmonically tuned tank [2], which passes the odd

harmonics of the oscillation can be used to make the tank voltage a square wave. This can

improve the phase noise as well as the slope while the maximum swing of the signal is still

kept below the supply voltage.

In chapter 3, there are a few other aspects that should be taken into consideration:

the proposed scaling scheme is only verified for LC oscillators without varactors. How-

ever, tuning capability is needed in most real applications. Additionally, possible scaling

schemes for capacitors can be included. There are several types of capacitors available

in modern CMOS technologies, and they may possess different properties with respect to
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the technology scaling. For example, the density of lateral MOM capacitors is inversely

proportional to the feature size while the vertical MIM capacitors doesn’t necessarily scale

with the technology. Therefore, a more rigorous and complete scaling scheme is needed to

include the above scenarios.

For the ultra compact fully integrated analog PLL demonstrated in this chapter, the SCL

divider used in this particular implementation can be replaced by CMOS or dynamic logic

to achieve much lower power consumption. The class-A SCL divider does not fully exploit

the low power capability of the 45-nm technology. Furthermore, fractional-N synthesis

capability can be added to study the effect of fractional spurs and the quantization noise

when the stacked capacitor-inductor is adopted in the PLL.

In chapter 4, the proposed system targets on wide frequency coverage with constant

cycle jitter performance. However, there are some systems that need wide coverage but

with constant integrated phase error, for example, TV tuners. This is because a constant

EVM is desirable for signals modulated onto different carriers that range from giga hertz

to a few tens of mega hertz. If LO signals with constant cycle jitter is used in such system,

the noise performance can be much better that what is really needed at lower frequencies.

This implies unnecessary power may be wasted. Therefore a wide coverage with constant

phase error performance is also needed for the optimal operation.

The single chip signal source presented in this chapter uses four wideband LC-VCOs

to achieve a combined octave-wide frequency range. In each VCO, a wide range pro-

grammable capacitor bank is used to extend the VCO tuning range. The equivalent parallel
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impedance at the resonance is:

RP =
1
rs

L
C

(6.1)

RP =
4π2 · f2

OSC ·L2

rs
(6.2)

where L and C are the tank inductance and capacitance. rs stands for the parasitic resistance

in the windings of the inductor and is assumed to be the dominant loss of the tank. In the

current implementation, a constant current and a fixed cross-coupled pair are used, and

thus the negative gm is maintained unchanged at different frequencies. However, gm only

needs to be sufficient to compensate the equivalent loss by RP. From (6.1), gm should be

proportional to 1/RP and thus track C accordingly while different values of the capacitor

are used to center the frequency. This configuration results in adaptive power consumption

of the LC-VCOs, and the overall efficiency can be improved. To achieve this, unitary cells

in the cross-coupled pair and the tail current can be used to track the cells in the capacitor

bank [3]. Another approach can also be used based on (6.2). Since the output frequency

fOSC is exposed to the system, the gm can be scaled quadratically with it.

In chapter 5, the proposed two-step PLL architecture incorporates two VCOs on the

sample silicon die. Despite the fact that the two VCOs oscillate at frequencies far apart,

when the high-speed fractional-N PLL is locked at a frequency close to any harmonics

of the clock multiplier, VCO pulling can take place between these two LC-VCOs. There

are only a limited amount of publications studying this system integration challenge. A
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study regarding to the VCO pulling in a multi-VCO frequency synthesis system is therefore

needed.

The attenuation of reference spurs in the clock multiplier is limited, and these spurs

result in a patterned jitter in the high-speed clock of the second PLL and further cause

undesirable fractional spurs that degrade the purity of the output. A study on the reference

spurs is needed to predict the performance of the proposed two-step PLL.
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